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ABSTRACT

Since the advent of High Impedance Surfaces (HISs) and metasurfaces, researchers

have proposed many low profile antenna configurations. HISs possess in-phase re-

flection, which reinforces the radiation, and enhances the directivity and matching

bandwidth of radiating elements. Most of the proposed dipole and loop element de-

signs that have used HISs as a ground plane, have attained a maximum directivity of

8 dBi. While HISs are more attractive ground planes for low profile antennas,these

HISs result in a low directivity as compared to PEC ground planes. Various stud-

ies have shown that Perfect Electric Conductor (PEC) ground planes are capable of

achieving higher directivity, at the expense of matching efficiency, when the spacing

between the radiating element and the PEC ground plane is less than 0.25λ.

To establish an efficient ground plane for low profile applications, PEC (Perfect

Electric Conductor) and PMC (Perfect Magnetic Conductor) ground planes are ex-

amined in the vicinity of electric and magnetic radiating elements. The limitation of

the two ground planes, in terms of radiation efficiency and the impedance matching,

are discussed. Far-field analytical formulations are derived and the results are com-

pared with full-wave EM simulations performed using the High-Frequency Structure

Simulator (HFSS).

Based on PEC and PMC designs, two engineered ground planes are proposed.

The designed ground planes depend on two metasurface properties; namely in-phase

reflection and excitation of surface waves. Two ground plane geometries are consid-

ered. The first one is designed for a circular loop radiating element, which utilizes a

circular HIS ring deployed on a circular ground plane. The integration of the loop

element with the circular HIS ground plane enhances the maximum directivity up

to 10.5 dB with a 13% fractional bandwidth. The second ground plane is designed

for a square loop radiating element. Unlike the first design, rectangular HIS patches

i



are utilized to control the excitation of surface waves in the principal planes. The

final design operates from 3.8 to 5 GHz (27% fractional bandwidth) with a stable

broadside maximum realized gain up to 11.9 dBi. To verify the proposed designs,

a prototype was fabricated and measurements were conducted. A good agreement

between simulations and measurements was observed.

Furthermore, multiple square ring elements are embedded within the periodic

patches to form a surface wave planar antenna array. Linear and circular polarizations

are proposed and compared to a conventional square ring array. The implementation

of periodic patches result in a better matching bandwidth and higher broadside gain

compared to a conventional array.
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Chapter 1

INTRODUCTION

The rapid improvement in technology and computational analyses for electro-

magnetic applications contributed in increasing the complexity of antenna designs.

These advances decrease the required time to analyze most electromagnetic designs

and provide a deeper intuitive understanding of the topic under investigation. One

major breakthrough that has contributed greatly to the antenna technology was the

introduction of mushroom structures proposed in 1999 [1]. While perfect magnetic

conductors (PMCs) do not exist in nature, synthetic mushroom structures alter the

boundary condition, and resemble AMC behavior over a range of frequencies. This

allows antenna engineers to develop new designs that meet requirements of modern

communication technology. Several studies [2–5] conducted on synthetic mushroom

structures have resulted in interesting phenomena when integrated with radiating

elements. This integration solves one of the major challenges that the antenna com-

munity faces, which is to reduce the coupling between the antenna and the ground

plane in low-profile configurations. It leads to a series of novel low-profile antenna

designs that meet the requirements of modern communication systems such as GPS,

WiFi, satellite and mobile communications.

1.1 Previous Work

Placing a radiating element above a ground plane has been investigated extensively

in the past decades. Although perfect electric conductor (PEC) and perfect magnetic

conductor (PMC) ground planes introduce unique characteristics, there are several

limitations when they are placed in the vicinity of radiating elements. For instance,
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a radiating element can be placed at a very close distance above a PMC ground

plane. However, a minimum distance of 0.25λ is required when the ground plane is

PEC so that the reflected field is in-phase and the two, direct and reflected, form a

constructive interference. This exemplifies a reason as to why PMC ground planes

are more attractive for low-profile applications. As PMCs do not exist in nature,

synthetic metasurfaces have been developed, which mimic AMC characteristics.

The two most attractive characteristics that metasurfaces possess, when inte-

grated with radiating elements, are surface wave excitation/suppression and in-phase

reflection [1]. These types of behavior, depending on the design of the metasurface

structure, might occur at the same or at a different frequency range [6]. The presence

of surface waves in antennas sometimes is considered as a major drawback because

they impact the performance of the radiating element by reducing the radiation effi-

ciency, directivity, and gain [7]. When mushroom-like structures are used to suppress

surface waves, the structure is identified as an Electromagnetic Band Gap (EBG)

surface. As a result, a number of applications have been developed which use the

feature of EBG to optimize the antenna performance [8, 9].

The second interesting feature of mushroom-like structures is to ideally reflect

the incident wave with a magnitude of nearly unity and zero phase over a certain

bandwidth [1]. To distinguish this feature in a mushroom-like structure, the surface

is referred to as a High Impedance Surface (HIS), which enables practitioners to use it

as a ground plane in antenna designs. Low profile is one of the modern communication

requirements for antennas, and it is especially important for aerodynamic and low-

observable radar applications [6]. The introduction of HISs has increased the number

of novel low-profile antenna designs, where a variety of configurations have been

proposed for different radiating elements such as dipoles, loops, and spirals [10], [11],

[12]. HISs have attracted investigators to explore different geometries that are needed
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for various antenna applications, such as conformal and curved cartesian HIS designs

[13], [14], and circular HIS [15–17]. An investigation has explored the performance

of curvilinear radiating elements above couple of HIS geometries and has determined

that the circular HIS is a better choice as a ground plane for curvilinear radiating

elements [15].

Circularly symmetric structures have been examined extensively in the field of

Optics and Lasers [18], and they were adapted and integrated with EBG and HIS

structures for RF antenna applications. One example of an EBG circular structure has

been proposed in [19], where the structure was designed to suppress surface waves in

all directions of printed antennas. Another circularly periodic EBG structure has been

reported in [20] to increase the gain of a microstrip patch antenna. Besides circular

EBG structures, a few studies [12], [15] have proposed HIS circular structures to

enhance the gain and the operational bandwidth of loop and spiral radiating elements.

Modern communication applications frequently require highly directive radiation

allowing long distance communications, less coupling with unwanted signal and higher

power performance in the broadside direction. While HIS surfaces are known to

be superior ground planes for low profile antennas, one limitation of these surfaces

is that they result in low directivity, compared to PEC ground planes. When a

radiating element is placed less than a quarter wavelength above a ground plane, PEC

ground planes are capable of achieving higher directivity compared to PMC [21], [22].

While these studies were conducted using the finite element method (Ansys HFSS)

and electromagnetic numerical methods (NECPro), no analytical formulation with

physical interpretation has been provided as to why PEC ground planes lead to higher

directivity than PMC.

Although HIS ground planes are used in most of the current low-profiles antenna

designs, a few studies have examined the use of PEC for low-profile configurations.
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One obstacle to the use of PEC is that as the spacing is reduced between the radiating

element and the PEC, a reduction in the radiation resistance of the radiating element

as well as an increase in reactance are observed, thus degrading the total radiation

efficiency. One approach that overcomes this challenge is to increase the free space

impedance of the radiating element to be at least hundreds of ohms [21]. This can be

achieved for a dipole antenna by replacing the thin linear wire with folded multiple

arms. Thus, a folded dipole placed closely above a PEC ground plane (0.02λ) has

been shown to improve the radiation efficiency and a gain of 8.7 dB was achieved [21].

However, one limitation of this design is that it has a narrow fractional bandwidth

(2.2 %) due to their high quality factor (Q = 91.2). Another approach to improve the

radiation resistance of the dipole, when placed closely above PEC, is to load the dipole

with a parasitic strip. A half-wave dipole positioned 0.05λ above a PEC ground plane,

with a parasitic strip placed in between, improves the radiation performance [23].

With this configuration, a gain of 7.8 dB with a fractional bandwidth of 0.6 % were

achieved. While the previous designs utilized PEC for low profile applications, a

directivity higher than 9 dB was not attained. Furthermore, all the proposed low

profile designs with PEC ground planes have a very narrow fractional bandwidth

due to the high Q. A question arises: is it possible to design a low profile antenna

with a HIS ground plane which has a directivity that is comparable to or greater

than a similar antenna on a PEC ground plane without degrading the total radiation

efficiency and the fractional bandwidth? This dissertation addresses this question

and offers solution.

The small spacing between the radiating elements and ground planes involves the

excitation of surface waves. Surface waves have always been considered undesired,

and several designs were proposed to suppress their propagation [24], [25]. Neverthe-

less, these surface waves can be exploited to introduce extra resonances to broaden the
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fractional bandwidth. A dipole positioned above a metasurface with square patches

to launch surface waves resulted in a 6% fractional bandwidth with omnidirectional

radiation [26]. In addition to surface wave resonances, a dipole resonance was also

excited [27] leading to a wider bandwidth with broadside radiation. Besides radiating

elements above metasurfaces, a center-fed circular patch was placed below square-

patch metasurfaces, yielding an omnidirectional radiation with a matching bandwidth

of 5.6% [28]. The reported matching bandwidth, as will be proposed in this disser-

tation, can be further broaden by controlling individually the excited surface waves

along the principal planes.

1.2 Scope of the Work

A reduced overall antenna height is a favorable feature for most modern low-profile

communication applications. In Chapter 2, PEC and PMC ground planes are investi-

gated for low-profile electric and magnetic radiating elements. Furthermore, far-field

analytical expressions are derived, and the results are compared with full-wave EM

simulations performed with HFSS. This study is focused on highlighting the effect of

different ground planes on directivity. An analytical formulation with physical inter-

pretation is provided as to why PEC ground planes provide higher directivity than

PMC when the spacing/height between the radiating elements and the ground planes

is less than 0.25λ. The analytical formulation and physical interpretation are based

on image theory.

The limitation that PEC and PMC ground planes possess can be overcome by

some engineered surfaces, namely corrugated PECs, coated PECs, corrugated coating

covered PECs, and HISs. In Chapter 3, these engineered surfaces are introduced. The

reflection phase for all aforementioned methods is analytically obtained and compared

with HFSS.
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In addition to the analysis of the reflection phase, Chapter 4 discusses the disper-

sion behavior for different engineered structures. Analytical models for the dispersion

diagrams are derived, which can be used to analyze the behavior of the surface waves.

The results of the analytical expressions are compared with simulation. Furthermore,

a simple approach of extracting possible surface wave resonances utilizing the dis-

persion diagram is outlined. To validate the approach, the extracted resonances are

compared with the cavity model resonance.

Based on the analytical formulation, a circular loop loaded with a circular HIS is

presented in Chapter 5. Since a curvilinear radiating element (circular loop antenna)

is utilized, a circular HIS is considered and printed on a circular ground plane. To

advance the directivity, a dual circular HIS is deployed forming a hybrid ground plane.

Integrating the loop element with the hybrid ground plane enhances the directivity

up to 10.5 dB with a 13% fractional bandwidth. The design is analyzed using the

reflection phase and the dispersion behaviors; both analyses agree with the simulated

results. Along with the obtained simulation results, a prototype was fabricated and

measured. A good agreement between simulations and measurements were observed;

Journal article [29] “Hybrid Circular Ground Planes for High-Realized-Gain Low-

Profile Loop Antennas” is a by-product of this effort.

The fractional bandwidth and the broadside directivity are further enhanced, as

discussed in Chapter 6, exploiting the introduction of a square ring element in the

vicinity of a metasurface with rectangular-patches. The advantage of utilizing rect-

angular HIS is that it gives individual control over the excited surface waves along

the principal planes. To excite the surface waves, various configurations have been

considered; namely, square-ring element above, below, and within the metasurface.

The latter design, with a 0.07λo height-profile, provides superior matching and gain

performances compared to the others. It operates from 3.8 to 5 GHz (27% fractional
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bandwidth) with a stable realized gain up to 11.9 dBi in the broadside direction. A

prototype of the structure, with a simple probe feeding mechanism, was fabricated

and measured. An excellent agreement was attained between the simulated and mea-

sured data. Journal article [30] “Performance Enhancement of Square-Ring Antennas

Exploiting Surface-Wave Metasurfaces” is based on this technology.

The square ring element embedded within HIS is introduced in Chapter 7 to fur-

ther enhance the directivity by forming different array arrangements. Four square

ring elements are embedded within metasurface to launch surface waves and form a

planar metasurface antenna array. The incorporation of the metasurface enhances

impedance matching and gain compared to a conventional square ring array. Two ar-

ray designs are considered for different polarizations. The first design investigates the

performance of 1x4 array of ring elements when placed within periodic patches. With

a spacing of 0.56λo between the ring elements, a peak gain of 15.8 dBi with an aperture

efficiency of 83% are attained. Unlike the 1x4 linearly polarized structure, the second

design consists of an array of 2x2 ring elements for circular polarization. A similar

peak gain is realized with a better port isolation compared to the linearly polarized

design. Due to the similarity of the two designs, only the 2x2 array is experimentally

validated; good agreements are observed between the simulated and measured data.

Journal article [31] “Metasurfaces for Reconfiguration of Multi-Polarization Antenna

and Van Atta Reflector Arrays” is partially based on this technology.
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Chapter 2

PERFORMANCE OF THE RADIATING ELEMENT ABOVE PEC AND PMC

GROUND PLANES

Placing an electric or magnetic radiating element on top of a ground plane has signifi-

cant impact on the performance of the radiating element. As the distance between the

ground plane and the radiating element approaches zero, mutual coupling between

the radiating element and the ground plane becomes pronounced. Furthermore, the

fields generated by the radiating element will be reflected by the ground plane and

cause constructive and destructive interferences. The magnitude and the phase of the

reflected waves depend on the geometry and the material properties of the ground

plane [32]. As a consequence, the overall radiation performance of the antenna will be

impacted. In this section, the directivity of electric and magnetic radiating elements

is investigated when they placed above PEC and PMC ground planes. An analyti-

cal far-field model will be derived and validated by the finite element method using

HFSS.

The term low profile usually refers to an antenna whose overall height is less

than one tenth of the operating frequency [33]. To meet the overall height, only

horizontal electric and magnetic dipoles will be considered as the radiating elements.

The horizontal electric and magnetic dipoles will be placed above PEC and then PMC

ground planes, and the far-field model will be derived for all four configurations. The

four configurations are:

• Electric dipole above PEC ground plane.

• Electric dipole above PMC ground plane.
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• Magnetic dipole above PEC ground plane.

• Magnetic dipole above PMC ground plane.

2.1 Electric Radiating Element

The configurations of an electric dipole positioned above PEC and PMC ground

planes are shown in Fig. 2.1. Although PMCs do not exist in nature, the configuration

is considered for comparison purposes.

Electric Dipole

h

PEC

(a)

Electric Dipole

h

PMC

(b)

Figure 2.1: (a) Electric Dipole Above PEC. (b) Electric Dipole Above PMC.

2.1.1 PEC Ground Plane

When a radiating element is placed above a ground plane, reflections are intro-

duced. To account for the reflections, image theory can be used. When an electric
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dipole is positioned horizontally at a distance above a PEC, an image can be intro-

duced that is 180 degree out of phase with the actual electric dipole, as shown in

Fig. 2.2. In other words, the PEC will reflect the fields radiated by the element and

directed toward the ground plane with a reflection coefficient of a unity magnitude

and a phase of 180 degrees. From Fig. 2.2, the far-zone radiated electric field for a

Figure 2.2: Horizontal Electric Dipole Above PEC Ground Plane.

horizontal dipole is represented by [32]

Ed
ψ = jη

kIole
−jkr1

4πr1
sinψ (2.1)

and the reflected field by the PEC ground plane is expressed as [32]

Er
ψ = −jηkIole

−jkr2

4πr2
sinψ (2.2)

The total radiated field valid on and above the ground plane is represented by

Eψ = Ed
ψ + Er

ψ = jη
kIol e

−jkr

4πr

√
1− sin2 θ sin2 φ [2 j sin(k h cos θ)] (2.3)
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Once the total radiated field is found, the radiated power and radiation intensity can

be derived as follows [32]

Prad =
1

2 η

∫ 2π

0

∫ π/2

0

|Eψ|2 · r2 sin θ dθ dφ (2.4)

= η
π

2

(
Io l

λ

)2 [
2

3
− cos(2 k h)

(2 k h)2
− sin(2 k h)

2 k h
+

sin(2 k h)

(2 k h)3

]

U ' r2

2 η
|Eψ|2 (2.5)

=
η

2

(
Io l

λ

)2

(1− sin2 θ sin2 φ)
[
sin2(k h cos θ)

]
The maximum radiation intensity when h ≤ 0.25λ occurs along the broadside (θ =

0)

Umax =
η

2

(
Io l

λ

)2 (
sin2(k h)

)
(2.6)

Using the radiated power and the maximum radiation intensity, the maximum direc-

tivity (when h ≤ 0.25λ) can be expressed as [32]

Do =
4 π Umax
Prad

(2.7)

=
4 sin2(k h)[

2

3
− cos(2 k h)

(2 k h)2
− sin(2 k h)

2 k h
+

sin(2 k h)

(2 k h)3

]
To validate the expression for the directivity, a horizontal dipole above an infinite

PEC is modeled using full-wave simulation (HFSS) and the directivity in the broad-

side direction is plotted as a function of height h between the dipole and the PEC

ground plane. The dipole is 0.45λ long and the distance h is varied from 0 to 0.5λ,

where λ is the wavelength at 3 GHz. As shown in Fig. 2.3, the directivity obtained

by HFSS and (2.7) are in a good agreement.
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Figure 2.3: Comparison Between the Directivity of a Horizontal Electric Dipole at

a Height h Above a PEC Ground Plane Obtained Using HFSS and the Derived

Analytical Expression of (2.7).

2.1.2 PMC Ground Plane

According to image theory, placing an electric horizontal radiating element above

a PMC ground plane produces constructive interference and the image reinforces the

radiation, as shown in Fig 2.4. As a result, the radiated and reflected fields are in

phase and can be written as shown [32]

Ed
ψ = jη

kIol e
−jkr1

4πr1
sinψ (2.8)

Er
ψ = jη

kIole
−jkr2

4πr2
sinψ (2.9)
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Figure 2.4: Horizontal Electric Dipole Above PMC Ground Plane.

Thus, the total radiated field can be expressed as

Eψ = jη
kIol e

−jkr

2πr

√
1− sin2 θ sin2 φ [ cos(k h cos θ)] (2.10)

Similar to the above steps for the electrical dipole above a PEC, the respective radi-

ated power and radiation intensity can be written, respectively, as

Prad = η
π

2

(
Io l

λ

)2 [
2

3
+

cos(2 k h)

(2 k h)2
+

sin(2 k h)

2 k h
− sin(2 k h)

(2 k h)3

]
(2.11)

U =
η

2

(
Io l

λ

)2 [
(1− sin2 θ sin2 φ)

(
cos2(k h cos θ)

)]
(2.12)

Umax =
η

2

(
Io l

λ

)2 [
cos2(k h)

]
For (h ≤ 0.25λ) (2.13)

Based on its definition of (2.7), the maximum directivity (when h ≤ 0.25λ ) can be

expressed as

Do =
4 cos2(k h)[

2

3
+

cos(2 k h)

(2 k h)2
+

sin(2 k h)

2 k h
− sin(2 k h)

(2 k h)3

] (2.14)

The validation of (2.14) for a horizontal electric dipole above a PMC is similar to the

one above PEC except that the boundary conditions for the ground plane are changed
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to PMC. The directivity in the broadside direction (θ) is obtained and plotted. The

results of the directivity obtained by (2.14) and the full-wave simulation (HFSS) are

plotted in Fig. 2.5, and they are in a good agreement.
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Figure 2.5: Comparison Between the Directivity of a Horizontal Electric Dipole at

a Height h Above a PMC Ground Plane Obtained Using HFSS and the Derived

Analytical Expression of (2.14).

From Fig. 2.3 and 2.5, the directivity of electric dipole positioned horizontally at

small distance (<0.25λ) above a PEC is larger than that of the dipole when placed

above a PMC. Thus, the PEC is a better choice for a ground plane when a higher

directivity is desired. However, since the radiated field and reflected field are out

of phase in the PEC case, the radiation efficiency and the reflection loss are very

significant as h approaches zero [21]. In contrast, the PMC ground plane provides a
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better radiation efficiency with smaller directivity as h approaches zero. Since PMCs

do not exist in nature, HISs are used to mimic PMCs and to obtain good radiation.

An analogy that can be used to visualize the behavior of the electric dipole above a

PEC ground plane is when a laser is attached to a lossy narrow beam lens, where

the laser represents the dipole and the narrow beam lens resembles the PEC. The

integration of the laser and the lens gives a narrow beam (high directivity); however,

no beam comes out of the lens due to the presence of loss in the lens as shown in Fig.

2.6. In Chapter 5, we will show how the proposed ground plane will achieve a high

directivity comparable to a PEC ground plane.

Figure 2.6: The Analogy of Laser and a Narrow Beam Lens Integration for Higher

Directivity.

2.2 Magnetic Radiating Element

The configuration of a horizontal magnetic dipole above PMC and PEC is shown

in Fig. 2.7. In this section, the magnetic dipole will be analyzed when positioned

above PMC and PEC ground planes.

2.2.1 PMC Ground Plane

Based on image theory, the image of a magnetic dipole placed horizontally above

a PMC ground plane is 180o out of phase of the actual magnetic dipole (Fig. 2.8). As

a consequence, as h decreases, the magnetic radiating element will possess poor radi-
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Magnetic Dipole

h

PEC

(a)

Magnetic Dipole

h

PMC

(b)

Figure 2.7: (a) Horizontal Magnetic Dipole Above PEC. (b) Horizontal Magnetic

Dipole Above PMC.

ation efficiency and a high mismatch loss. The far-field model for a magnetic dipole

above a PMC is derived based on the configurations shown in Fig. 2.7. Following the

same steps as for the electric radiating element, the far-zone electric field components

for a magnetic dipole above a PMC can be written as

Ed = (âφ cos θ sinφ− âθ cosφ)j
k Im l

4πr
e−jkr (2.15)

Er = (−âφ cos θ sinφ+ âθ cosφ)j
k Im l

4πr
e−jkr (2.16)

and the total radiated field is expressed as

E = (âφ cos θ sinφ− âθ cosφ)j
k Im l

4πr
e−jkr[2j sin(kh cos θ)] (2.17)

16



Figure 2.8: Horizontal Magnetic Dipole Above PMC Ground Plane.

Using (2.17), the radiated power and the radiation intensity can be written, respec-

tively, as

Prad =
k2 I2m l

2

8ηπ

(
2

3
− cos(2 k h)

(2 k h)2
− sin(2 k h)

2 k h
+

sin(2 k h)

(2 k h)3

)
(2.18)

U =
k2 I2m l

2

8ηπ2
(1− sin2 θ sin2 φ)(sin2(kh cos θ)) (2.19)

From (2.19), the maximum radiation (when h ≤ 0.25λ) occurs at θ=0. Thus, the

maximum radiation intensity can be written as

Umax =
k2 I2m l

2

8ηπ2
[sin2(kh)] (2.20)

By using (2.18) and (2.20), the maximum directivity, when h ≤ 0.25λ, can be ex-

pressed as

Do =
4 sin2(k h)[

2

3
− cos(2 k h)

(2 k h)2
− sin(2 k h)

2 k h
+

sin(2 k h)

(2 k h)3

] (2.21)

To confirm (2.21), a simulation is performed using HFSS. However, in order to simu-

late a magnetic dipole in HFSS, the magnetic dipole has to be excited with magnetic
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current. To the author’s knowledge, there is no possible way to excite magnetic

current in HFSS. Therefore, an infinitesimal electrical horizontal loop was simulated

instead as, according to duality theorem, it is equivalent to an infinitesimal horizontal

magnetic dipole [34]. The simulation was modeled as shown in Fig. 2.9. The direc-

tivity at θ = 0 is plotted in Fig. 2.10 using HFSS and compared with the directivity

obtained using (2.21). Good agreement is indicated between the two set of data.

PMC

Figure 2.9: Equivalent Horizontal Magnetic Dipole Above a PMC Ground Plane.

18



0

2

4

6

8

10

12

B
ro

ad
si

d
e 

D
ir

ec
ti

v
it

y
 (

d
B

i)

(2.21)

HFSS

0 0.05 0.1 0.15 0.2 0.25
Height    ( )h λ

Figure 2.10: Comparison Between Directivity of a Horizontal Magnetic Dipole at

a Height h Above a PMC Ground Plane Obtained Using HFSS and the Derived

Analytical Expression of (2.21).

2.2.2 PEC Ground Plane

When a magnetic dipole is placed parallel to a PEC ground plane, the image

is in-phase with the actual radiating element. Thus, the PEC in this configuration

possesses a reflection coefficient with unity magnitude and a phase of zero, as shown

in Fig. 2.11. The radiated and reflected fields can be written, respectively, as

Ed = j
k Im l

4πr
(−âθ cosφ+ âφ cos θsinφ) e−jkr (2.22)

Er = j
k Im l

4πr
(−âθ cosφ+ âφ cos θsinφ) e−jkr (2.23)
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Figure 2.11: Horizontal Magnetic Dipole Above PEC Ground Plane.

while the total radiated field is expressed as

Eθ = −j k Im l
4π r

cosφ e−jkr[2 cos(kh cos θ)] (2.24)

Using (2.24), the radiated power and radiation intensity can be written as

Prad =
k2 I2m l

2

8ηπ

(
2

3
+

cos(2 k h)

(2 k h)2
+

sin(2 k h)

2 k h
− sin(2 k h)

(2 k h)3

)
(2.25)

U =
k2 I2m l

2

8ηπ2

(
1− sin2 θ sin2 φ)[cos2(kh cos θ)

]
(2.26)

The maximum radiation intensity occurs along θ = 0 and can be reduced to

Umax =
k2 I2m l

2

8ηπ2
[cos2(kh)] (2.27)

From (2.25), (2.27), and the definition of (2.7), the maximum directivity can be

expressed as

Do =
4 cos2(k h)[

2

3
+

cos(2 k h)

(2 k h)2
+

sin(2 k h)

2 k h
− sin(2 k h)

(2 k h)3

] (2.28)
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To validate the directivity of (2.28), a full-wave simulation, similar to the model

shown in Fig. 2.9 with a PEC boundary condition assigned to the ground plane, was

performed using HFSS. The directivity in the broadside direction (θ = 0) was ob-

tained and plotted in Fig. 2.12; a good agreement is indicated between the full-wave

simulation and the derived analytical expression of (2.28).
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Figure 2.12: Comparison Between the Directivity of a Horizontal Magnetic Dipole

at a Height h Above a PEC Ground Plane Obtained Using HFSS and the Derived

Analytical Expression of (2.28).

From Fig. 2.10 and Fig. 2.12, it can be concluded that a horizontal magnetic

dipole above a PMC ground plane produces a higher directivity than a PEC ground

plane (when h ≤ 0.25λ). Nevertheless, the total radiation efficiency is low in the

PMC case, and it gets worse as h approaches zero since the image is out of phase

with the actual magnetic dipole.
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2.3 Physical Explanation

The higher directivity observed for a horizontal electrical dipole above a PEC

and for a horizontal magnetic dipole above a PMC can be explained by investigating

the field distribution over the ground planes. This concept is similar to an aperture

antenna, where the maximum directivity is given by [32]

Do = εapAp

(
4π

λ2

)
(2.29)

where εap is the aperture efficiency, and Ap is the physical area of the aperture. For

a rectangular aperture, which represents the PEC and PMC ground planes, the Ap is

equal to the area of the ground planes. The aperture efficiency depends on the field

distribution over the aperture. When the field distribution is uniform (Fig. 2.13a),

the aperture efficiency is unity and the highest directivity is achieved. However, the

aperture efficiency decreases when the field is non-uniformly distributed over the aper-

ture. For instance, when the TE10-mode distribution is excited over the aperture, as

shown in Fig. 2.13b, the aperture efficiency is reduced to 0.81 and a lower directivity

is obtained [32].

(a) (b)

Figure 2.13: Field Distribution (a) Uniform Distribution. (b) TE10-mode Distribu-

tion.
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By applying the aperture concept to the PEC and PMC ground planes, a uniform

field distribution over the ground plane is observed when:

1) a horizontal electrical dipole positioned above a PEC,

2) a magnetic horizontal dipole positioned above a PMC.

These are illustrated in Figs. 2.14a and 2.15a, respectively. Thus, a higher directivity

should be expected since the aperture efficiency is almost unity. As the field is non-

uniformly distributed over the ground plane (Figs. 2.14b and 2.15b), the aperture

efficiency is reduced, which leads to a lower directivity.

(a) (b)

Figure 2.14: Field Distribution for an Electrical Dipole Above (a) PEC. (b) PMC.

(a) (b)

Figure 2.15: Field Distribution for a Magnetic Dipole Above (a) PMC. (b) PEC.
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Chapter 3

REFLECTION BEHAVIOR OF ENGINEERED SURFACES

The previous chapter discussed the radiation performance of a radiating element

when positioned near PEC and PMC ground planes. The fixed reflection phases

that PEC and PMC possess inspire researchers to explore the possibility of altering

the inherent reflection behavior of these surface. The advantages of changing the

reflection phase of a surface are, to name a few, controlling the scattered field, enabling

radiating elements to be positioned very close to the surface, and modifying surface

wave propagation [7]. Various methods of altering the reflection behavior have been

investigated, and they will be discussed in this chapter.

3.1 Corrugated PEC Plate

A classical approach to modify the reflection behavior of a PEC plate is realized

by changing the geometry of the structure. This can be attained by implementing

corrugations on the surface [6]. A corrugated surface is realized by creating ridges

(corrugations) of width w, thickness t, and depth d, as shown in Fig. 3.1. The

modified surface possesses a high impedance when the polarization of the electric

field is perpendicular to the corrugation, and a low impedance when the electric field

is parallel to the grooves [6].

The surface impedance when the electric field is perpendicular to the corrugation

can be approximated by using the impedance of a shorted transmission line [6].

Zcorg = ηo

(
w

p

)
tan (βod) (3.1)
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t

d

Figure 3.1: Geometry of a Corrugated Surface.

where w is the width of the ridges, p is the periodicity of the groove or (p = t+w), and

d is the depth of the groove. This equation gives excellent approximation when the

width of the groove is (w ≤ λ/10), and the the thickness of teeth is (t ≤ λ/100) [6].

By using (3.1), the reflection coefficient can be calculated by

Γ =
Zcorg − Zo
Zcorg + Zo

(3.2)

where (Zo = 120π) is the free-space impedance.

On the other hand, when the electric field is parallel to the grooves, the surface

impedance is very low (near zero), similar to a PEC sheet. Therefore, the reflection

phase for parallel polarization is about 180◦.

To demonstrate the validity of (3.2), the reflection phase of different corrugated

PEC is simulated utilizing full-wave simulation (HFSS), and the results are compared

to those obtained with (3.2). For the full-wave simulation, a plane wave is illuminated

normally to the surface with electric field polarized perpendicular to the corrugation.

Floquet port is used to illuminate the corrugated PEC unit cell. Furthermore, the
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corrugated PEC is simulated by modeling a single unit cell and applying the master

and slave boundaries conditions, as demonstrated in Fig. 3.2. The linked boundary

conditions, master and slave boundaries, are implemented on the walls to enforce the

periodicity of the structure.

Floquet Port

Figure 3.2: HFSS Simulation Setup for Corrugated PEC.

The reflection phases for different corrugated PEC dimensions are plotted in Fig.

3.3. As observed, the first case (w = λ/10, d = λ/4, and t = λ/100) and the second

case (w = λ/5, d = λ/4, and t = λ/20) indicate an excellent agreement between the

analytical and simulated results. However, when the thickness of the groove (t) gets

larger than λ/20, as demonstrated for cases 3 and 4, the analytical results deviate

from the simulated one.
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Figure 3.3: Reflection Phase Comparison for Different Corrugated PEC Dimensions.

3.2 Dielectric Covered PEC

An alternative approach to modify the reflection behavior of a PEC is to coat it

with a dielectric material. The material composition and thickness of the dielectric

can be adjusted to control the reflection phase. To develop an analytical model for

calculating the reflection phase, we need to find the surface impedance at the top

face (Z = −h+) of the grounded dielectric, as illustrated in Fig. 3.4. To simplify the

analysis, the dielectric is considered to be infinite along the x− and y−axes, while

it is finite along the z−axis with a thickness of h. The surface impedance can be

defined using a transmission line model [6]:
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Figure 3.4: Grounded Dielectric Geometry.

Γin(z = 0) = −1 (3.3)

Γin(z = −h+) =
Er

Ei

∣∣∣∣
z=−h+

=
Γin(z = 0)Eoe

+jβz

Eoe−jβz

∣∣∣∣
z=−h+

(3.4)

= Γin(z = 0) e−j2βdh = −1 e−j2βdh

Zin(z = −h+) = ηd
1 + Γin(z = −h+)

1− Γin(z = −h+)
= ηd

1− e−j2βdh

1 + e−j2βdh
(3.5)

Γin(z = −h−) =
Zin(z = −h+)− ηo
Zin(z = −h+) + ηo

(3.6)

where
(
ηd =

√
µo
εoεr

)
is intrinsic impedance of the dielectric, βd is the dielectric phase

constant, and h is the thickness of the dielectric.

An alternative approach to determine the surface impedance at the top face of the

grounded dielectric is by considering the impedance of a shorted transmission line [6]:

Zin(Z = −h+) = j

(
βd

ωεoεr

)
tan (βdh) (3.7)

Both equations (3.5) and (3.7) are identical, and they lead to the same results. To

validate the accuracy of (3.6), different dielectric materials covering a PEC have been
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simulated in HFSS (Fig. 3.5), and the reflection phases obtained analytically and

numerically are plotted in Fig. 3.6. Similar to the corrugated PEC, master and slave

boundary conditions are applied on the walls of the air box to enforce the infinity of the

simulated unit cell. Furthermore, Floquet port is used to illuminate the unit cell; the

port is deembedded to the top face of the dielectric to calculate the reflection phase at

the dielectric-air interface. The thickness of the dielectric (h) is held constant, while

the dielectric constant (εr) is varied for each case. For all considered cases, excellent

agreement is observed between the simulated and calculated data.

Floquet port

Air Box

Grounded dielectric

x

z

y

Figure 3.5: HFSS Setup to Calculate the Reflection Phase of a Grounded Dielectric.
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Figure 3.6: Reflection Phase Comparison for Different Dielectric Materials Covering

a PEC Plate.

3.3 Mushroom-Like Surface

Another approach to alter the surface impedance is to use HIS surfaces, which are

realized by placing metallic patches on a dielectric covered ground plane in a periodic

arrangement. Although various shapes and geometries have been proposed, rectan-

gular and circular patches geometries are examined in this chapter. Mushroom-like

surfaces are two-dimensional surfaces where metallic patches are printed in a periodic

arrangement on a grounded dielectric slab. The metallic patches are connected to the

ground plane by vias. The structure shown in Fig. 3.7 consists of 7 by 7 unit cells.

Each unit cell consists of a patch of width w, gap width g, and substrate thickness
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h

(a)

g

(b)

Figure 3.7: Geometry of a Mushroom-Like Surface (a) Side View. (b) Top View.

h. When the periodicity is less than a wavelength, the behavior of this structure can

be represented by using an LC equivalent circuit. While the capacitance is primarily

realized by the gap between two adjacent patches, the inductance is introduced by the

current path that circulates between the patches through the vias. The capacitance

and the inductance of a mushroom-like unit cell can be written as [1]

C =
wεo(1 + εr)

π
cosh−1

(
w + g

g

)
(3.8)

L = µh (3.9)
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Based on the equivalent parallel LC circuit, the surface impedance Z and the reflec-

tion phase of a mushroom unit cell can be expressed as

Z =
jωL

1− ω2LC
(3.10)

Γ =
Z − ηo
Z + ηo

(3.11)

The validity of the analytical model can be verified by comparing the results to those

obtained with full-wave commercial software. The reflection phase of mushroom struc-

tures is verified by modeling a single unit cell of the structure (based on the Floquet

Theorem), and establishing a FEM model. The mushroom unit cell is simulated in

Ansys HFSS by applying the boundary conditions on the four sides of a rectangular

waveguide to model an infinite surface, as shown in Fig. 3.8. To obtain the reflection

Figure 3.8: Appropriate Boundary Conditions for Simulating Unit Cells.

phase of the surface, plane waves at normal incidence are launched to illuminate the

unit cell and the phase is plotted as shown in Fig. 3.9.
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Figure 3.9: Reflection Phase of a Unit Cell.

The phase of Fig. 3.9 is for a unit cell printed on Rogers RT/Duroid-5880 substrate

with w = 8 mm (0.314 in), g = 1 mm (0.039 in), and h = 5.08 mm (0.2 in). The

unit cell behaves as a PMC (reflection phase = 0◦) at 4.4 GHz, which is referred to

as the resonant frequency. While the unit cell surface exhibits an inductive reactance

below the resonant frequency, it possesses a capacitive reactance above the resonant

frequency. The distribution of the reflection phase from +180 to -180 establishes the

mushroom structures as suitable ground planes for low profile antennas. Furthermore,

excellent agreement is observed between the analytical and numerical data.

3.4 Circularly Symmetric Surface

After the mushroom-like surfaces were introduced in the literature, various ge-

ometries and shapes that behave like HISs have been proposed. Recently, a circularly

symmetric structure has been studied and reported as a superior ground plane for
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curvilinear radiating elements [15]. In this section, circular HIS structures are re-

viewed and simulated using HFSS. The simulation arrangement for such geometry

differs from the mushroom unit cell, and it will be detailed in this section.

Circular HIS structures behave similarly to mushroom structures when the surface

is illuminated by electromagnetic plane waves. The phase of the reflected field varies

from +180o to −180o. However, a unit ring, instead of the unit cell, simulation is

performed to obtain the reflection phase of the structure. The reason is that circular

structures are infinite along the radial direction and finite along the angular dimen-

sion [16]. Fig. 3.10 illustrates the geometry of a circular HIS.

p
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Figure 3.10: Geometry of a Circular HIS.
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The reflection phase of a circular HIS structure can be obtained by applying PMC

boundary conditions to the inner and outer surfaces of a coaxial waveguide, as shown

in Fig. 3.11. Cylindrical TEMz waves at normal incidence are then launched to

illuminate the surface, thus allowing for the reflection phase to be captured.

Figure 3.11: Unit Ring of a Circular HIS.

A simulation has been performed with Ansys HFSS to obtain the phase diagram

of a circular HIS. The refection phase illustrated in Fig. 3.12 is for a unit ring with

a patch angle of pa = 40o, a gap angle of ga = 20o, and a radial gap of gr = 0.2

mm (0.007 in). The patches are printed on a Rogers RT/Duroid-5880 substrate of

thickness (h) 5.08 mm (0.2 in). As illustrated in Fig. 3.12, the unit ring resonates

(possesses zero reflection phase) at 4.5 GHz. The resonance can be shifted by changing

any of the parameters (pa, ga, h, and gr). Similar to mushroom surfaces, an analytical

quasi-static model [15] can be used to determine the resonant frequency, capacitance,

inductance, and the surface impedance of the circular unit ring. The capacitance
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is due the fringing effect between the two adjacent patches, while the inductance is

attributed to the grounded substrate. The capacitance and the inductance can be

represented by [15]

C =
paεo(1 + εr)

π
cosh−1

(
pa + ga
ga

)[
pn ln

pn
pm
− pn + pm

]
(3.12)

L = µh (3.13)

Once the capacitance and the inductance are found, (3.10) and (3.11) can be used to

find the surface impedance and the reflection coefficient.
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Figure 3.12: Reflection Phase of a Circular HIS Unit.
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Chapter 4

DISPERSION AND MATERIAL CHARACTERIZATION

Modifying the surface characteristics have found many attractive engineering applica-

tions. Such a modification alters both the surface reflection and dispersion behavior of

the structure. PEC and PMC ground planes have fixed surface impedances, which are

zero and infinity, respectively. For some applications, altering the surface impedance

is required to achieve a specific behavior over a certain frequency range. Slow wave

antennas, leaky wave antennas, and choke ring antennas are some of the common

antenna applications that depend on altering the surface impedance.

In the first section of this chapter, various methods of modifying the surface

impedance are outlined. In addition, the dispersion behavior is analytically obtained

and compared with HFSS to verify the analytical solution. In the second part, it is

demonstrated how the dispersion diagram can be used to define possible resonances

if these engineered surfaces are utilized as radiating elements.

4.1 Corrugated PEC

As discussed in Section 3.1, the modified surface possesses a high impedance when

the polarization of the electric field is perpendicular to the corrugation, and a low

impedance when the electric field is parallel to the grooves [6].

The dispersion behavior for the corrugated PEC can be obtained using the trans-

verse resonance method (TRM), as illustrated in Fig. 4.1. The input impedance

looking downward (Z−
in) can be approximated as a shorted transmission line [32] with

the assumption that only the TEM mode is being supported within the grooves. The

input impedance looking upward (Z+
in) is free space TM or TE wave impedance. In
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Figure 4.1: Geometry of a Corrugated Surface, with Its Equivalent Transmission Line

Model.

this section, only the dispersion of the fundamental mode (TM) is considered. There-

fore, the dispersion equation for corrugated PEC can be written as [32]

Z+
in = −Z−

in (4.1)

βzo
ωoεo

= j

(
w

p

)
ηo tan(βod) (4.2)√

β2
o − β2

yo

ωoεo
= j

(
w

p

)
ηo tan(βod) (4.3)

Equation (4.3) provides high accuracy when w < λo/10 [32]. To demonstrate the

accuracy of (4.3), the dispersion of corrugated PEC is calculated in HFSS utilizing

the Eigenmode solver. A single period of the corrugated PEC is modeled with master

and slave boundary conditions assigned to each sidewalls as depicted in Fig. 4.2. In

addition, a Perfect Matching Layer (PML) boundary is placed at the top face of the
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model to reduce the reflection effect and truncate the computational domain. The

dispersion diagram is solved in HFSS and analytically for a corrugated metal with

w = 2 mm, d = 2.9 mm, and p = 3 mm. An excellent agreement is observed between

the simulated and analytical results, as illustrated in Fig. 4.3.

PML

Air Box

Corrugated metalx

z

y

Figure 4.2: Corrugated Surface Setup to Calculate the Dispersion in HFSS. The Let-

ters M and S Printed on the Wall Represent the Assigned Master and Slave Boundary

Conditions.

39



0 50 100 150

y
 p (deg)

5

10

15

20

Fr
eq

ue
nc

y 
(G

H
z)

HFSS
Lighline
(4.3)

Figure 4.3: Analytical and Simulation Comparison of the Calculated Dispersion Di-

agram of a Corrugated PEC.

For some applications, e.g. leaky wave antennas, acquiring the surface impedance

in the propagation direction is an essential task to control the radiation beam. There-

fore, the TM impedance of the corrugated metal can be calculated by

ZTM = Zo

√
1−

(
βy
βo

)2

(4.4)

where βy is the phase in the y-direction, as represented in Fig. 4.3, and βo = ω
√
µoεo.

4.2 Dielectric Covered Flat PEC

An alternative approach to modify the surface impedance of a metallic plate is

to coat it with a dielectric material. The thickness and the dielectric properties of

the dielectric define the TM and TE mode behaviors. Since only the dominant mode

40



is considered in this section, the following analysis is only focused on the TM mode.

The dispersion diagram for a grounded dielectric can be calculated utilizing the TRM

(Transverse Resonance Method), as depicted in Fig. 4.4. To simplify the analysis,

we assume the ground plane is infinite lying on the xy−plane, and there is no field

variations in the x−direction, and the wave traveling in the y−direction.

 +Z in

 -
Z in

h h

y
z

p p

r d d

o

Figure 4.4: Geometry of a Grounded Dielectric, with Its Equivalent Transmission

Line Model.

The input impedance looking downward (Z−
in) can be approximated as TM impedance

shorted at the end. On the other hand, the input impedance looking upward (Z+
in) is

the TM impedance in the free space. The dispersion for grounded dielectric can be

obtained as [6]

Z+
in = −Z−

in (4.5)

βzo
ωεo

= −j
(
βzd
ωεd

)
tan(hβzd) (4.6)

√
β2
o − β2

y

ωεo
= −j

√
β2
d − β2

y

ωεd
tan(h

√
β2
d − β2

y) (4.7)

where h is the thickness of the substrate, βo and βd are the phase constants in free

space and the dielectric, respectively. Similar to the corrugated PEC, the dispersion

diagram for a grounded dielectric is obtained exploiting HFSS to compare with (4.7).

Figure 4.5 displays the modeled grounded dielectric with master and slave boundaries

assigned to the walls.
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Figure 4.5: HFSS Setup for Calculating the Dispersion Diagram. The Master (M)

and Slave (S) Boundary Conditions are Assigned to the Walls.

Two dielectric materials are considered in this analysis, and both have the same

thickness (h = 5.08 mm). The first dielectric is Rogers RT/Duroid 5880 (εr = 2.2),

and the second dielectric is Rogers RT/duroid 6010 (εr = 10.2). An excellent agree-

ment is observed between (4.7) and the simulated results for both dielectric materials,

as displayed in Fig. 4.6. Similar to the corrugated PEC, the TM surface impedance

in the y−direction can be calculated utilizing (4.4)
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Figure 4.6: Dispersion Diagram for a Dielectric Covered PEC. Left: Rogers

RT/Duroid 5880 (εr = 2.2). Right: Rogers RT/duroid 6010 (εr = 10.2).

42



4.3 Multi-Dielectric Covered Flat PEC

The propagation in the grounded dielectric can be further altered by having differ-

ent dielectric materials side by side, as depicted in Fig. 4.7. To simplify the analysis,

let us assume that there are two side-by-side grounded dielectrics which have the same

thickness (h), they are infinite in the x-direction (βx = 0), and the wave traveling in

y-direction. Dielectric 1 and 2 are finite along the y-axis, and their lengths are p1

and p2, respectively. The dispersion equation for a single dielectric (4.7) has to be

h

y

z

p

r2

Z
+

in

Z
-

in

p1 p2

p2p1

r1

Figure 4.7: Geometry of Multiple Dielectric Materials Covering a Flat PEC, and Its

Equivalent Transmission Line Model.

modified to include the effect of the second dielectric. Only the right hand side of

(4.7) needs to be altered as the impedance looking downward (Z+
in) is the sum of the

impedances contributed by the two dielectric materials. Therefore,

Z+
in = −Z−

in (4.8)

βzo
ωεo

= −
(
p1
p

)
Zdielectric1 −

(
p2
p

)
Zdielectric2 (4.9)

Zdielectric1 = j

(
βzd1
ωεd1

)
tan (hβzd1) (4.10)

Zdielectric2 = j

(
βzd2
ωεd2

)
tan (hβzd2) (4.11)
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βzo =
√
β2
o − β2

yo (4.12)

βzd1 =
√
β2
d1 − β2

yd1 (4.13)

βzd2 =
√
β2
d2 − β2

yd2 (4.14)

Based on the phase matching conditions, the phase constant at the air and dielectric

interfaces has to be the same. Thus,

βyd1 = βyo = βyd2 = βy (4.15)

Therefore, (4.9) can be expressed as [35]√
β2
o − β2

y

ωεo
= ψ1 + ψ2 (4.16)

ψ1 = −j
(
p1
p

) √β2
d1 − β2

y

ωεd1
tan
(
h
√
β2
d1 − β2

y

)
ψ2 = −j

(
p2
p

) √β2
d2 − β2

y

ωεd2
tan
(
h
√
β2
d2 − β2

y

)
Equation (4.16) can be generalized to N dielectric materials with different thicknesses,

and can be expressed as

√
β2
o − β2

y

ωεo
=

N∑
n=1

−j
(
pn
p

) √β2
dn − β2

y

ωεdn
tan
(
hn

√
β2
dn − β2

y

)
(4.17)

where N is the number of dielectric materials placed next to each other, and hn is

the thickness of the nth material. Equation (4.17) can be also used for a corrugated

grounded dielectric, as illustrated in Fig. 4.8.
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Figure 4.8: Geometry of a Corrugated Dielectric on a Flat PEC, with Its Equivalent

Transmission Line Model.

To verify the validity of (4.17), two structures are modeled by HFSS and the

dispersion is obtained for multiple lengths for the two structures. The two structures

considered are:

1. Two side-by-side dielectric materials (Rogers RT/Duroid 5880 (εr = 2.2) and

Rogers RT/duroid 6006 (εr = 6.15) ) covering a flat PEC are considered. The

thickness of both dielectrics (h) is 5.08 mm. The structure is similar to Fig.

4.7 with a period of (p = p1 + p2). The lengths of the first dielectric (Rogers

RT/Duroid 5880) and the second dielectric (Rogers RT/duroid 6006) are p1

and p2, respectively. The dispersion is performed for different lengths of the

two dielectrics, as illustrated in Fig. 4.9.
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2. Corrugated grounded dielectric (Rogers RT/Duroid 5880) with thicknesses (h1)

of 5.08 mm and (h2) of 2.08 mm.
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Figure 4.10: Dispersion of a Corrugated Dielectric (Rogers RT/Duroid 5880) Covering

a PEC.
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The simulated and the analytical (4.17) results for the two structures are compared in

Figs. 4.9 and 4.10, respectively. Excellent agreements between the simulated and the

analytical results are observed for the two structures. To find the surface impedance

of the corrugated dielectric or the multi-dielectric covered PEC, (4.4) can be used to

find the TM impedance in the y−direction.

4.4 Metasurface

Another approach to alter the surface impedance is to use metasurfaces, which

are realized by placing metallic patches on a dielectric covered ground plane in a

periodic arrangement. Although various shapes and geometries have been proposed,

only square and annular sector patches are examined in this chapter.

4.4.1 Square Metasurface

The dispersion of a square patch metasurface can be calculated using the trans-

verse resonance method, as illustrated in Fig. 4.11. Due to the loading of the metallic

patch to the grounded dielectric, the impedance looking downward (Z−
in) needs to be

modified to include the grid impedance (Zg). The grid impedance is parallel to the

impedance of the grounded dielectric; therefore, it is most convince to use the admit-

tance instead of the impedance [36].

Z
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Z
-

inh h

y

z

p p

r d

z
g

Figure 4.11: Transverse Resonance Method for a Metasurface Unit Cell.
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Y +
in = −Y −

in (4.18)

1

Z+
in

= − 1

Z−
in

(4.19)

Z+
in + Z−

in

Z+
in Z

−
in

= 0 (4.20)

To satisfy (4.20), Z+
in + Z−

in = 0. Hence, (4.20) reduces to

Z+
in = −Z−

in (4.21)

Z+
in = −(Zg + Zs) (4.22)

βzo
ωεo

= −ψ1

ψ2

(4.23)

ψ1 = jωµ
tan (βzdh)

βzd

(
βzd
βd

)
ψ2 = 1− 2keff α

tan (βzdh)

βzd

(
βzd
βd

)
keff = βo

√
εeff

εeff =
εr + 1

2

α =
p keff
π

ln

(
1

sin π g
2 p

)
where p is the period of the metasurface, g is the gap between the metallic patches,

βo = ω
√
µεo, and βd = βo

√
εr. According to the phase matching conditions, along

the air-grid interface, βyd must be equal to βyo. Thus,

βzd =
√
β2
d − β2

yd =
√
β2
d − β2

y (4.24)

βzo =
√
β2
o − β2

yo =
√
β2
o − β2

y (4.25)

By substituting (4.24) and (4.25) into (4.23), the dispersion of the metasurface struc-

ture can be obtained. To verify the solution of (4.23), the dispersion for a metasurface

structure is calculated exploiting full-wave simulation software. The metasurface unit

cell is modeled in HFSS, and the appropriate boundary conditions are applied, as il-

lustrated in Fig. 4.12.
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Figure 4.12: HFSS Setup to Extract the Dispersion of a Square Metasurface.

The simulated metasurface has a period p = 20.5 mm and a gap g = 4.5 mm. The

metallic patch is printed on Rogers RT/Duroid 5880 (εr = 2.2) with thickness h =

5.08 mm. The simulated and analytical results are plotted in Fig. 4.13. An excellent

agreement is observed at lower frequencies, but the discrepancy increases at higher

frequency.
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Figure 4.13: Analytical and Simulated Comparison of Dispersion Diagrams of a

Square Metasurface.
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4.4.2 Annular Sector Patch Metasurface

Another popular metasurface geometry is the annular sector metallic patch printed

on a circular trapezoid grounded dielectric, as displayed in Fig. 4.14. The annular

sector unit is suitable for curvilinear radiating elements [15].

ga

p

pa
rightleft

up

down

pr 2

Figure 4.14: Layout of an Annular Sector Metasurface Unit Cell.

The dispersion of an annular sector cannot be obtained directly in HFSS, as the

master-slave boundaries cannot be applied to neither the non-parallel side-walls (right

and left walls as shown in red in Fig. 4.14), nor to the dissimilar lengths of the

opposite walls (up and down walls). To establish an approximate model to calculate

the dispersion of the annular sector, the effect of the transverse width (y-axis) for

a rectangular unit cell is analyzed as the wave propagates along the longitudinal

direction (x-axis). Various shapes of the metallic patches are considered, namely,

trapezoid (T), square (S), and rectangular (R), as depicted in Fig. 4.15. For the

different metallic shapes, the dispersion along the x-direction is obtained, and the

results are plotted in Fig. 4.15.
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As observed, varying the transverse width has insignificant impact on the disper-

sion; therefore, the dispersion for the annular sector can be approximately acquired

by finding the dispersion of an equivalent model that has the same length and gap

along the propagation direction. For example, for an annular sector patch with a

period pr = 23.7 mm and a gap ga = 1.77 mm, the approximate dispersion can be

found by modeling a rectangular metasurface with the same period (pr) and same

gap (ga), as displayed in Fig. 4.16.
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Figure 4.16: Approximate Dispersion of the Annular Sector Metasurface.

4.5 Extracting Resonances From Dispersion Diagrams

In the previous sections, the dispersion diagrams for multiple structures are cal-

culated; however, it has not been demonstrated how useful these plots are when the

aforementioned surfaces are used as radiating elements. For simple structures (e.g.

square patch antenna) the possible resonances can be determined from the cavity

model analysis. Nevertheless, the cavity model for modified surfaces (e.g. corrugated

plate) is cumbersome as the resonances depend on multiple parameters. Alterna-

tively, the dispersion diagram can be used instead to find the possible resonances for

most complicated periodic surfaces. To demonstrate the validity of this approach,

the resonances of a rectangular patch will be extracted from the dispersion diagram,

and it will be compared to those obtained by the cavity model.
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4.5.1 Rectangular Patch Dispersion and Resonances

The cavity model treats the patch antenna as a parallel plate waveguide with

magnetic walls along the perimeter of the substrate. The TM mode resonances for

a rectangular patch printed on non-magnetic dielectric material is determined based

on the cavity model as [32]

frmnp =
1

2π
√
µo εd

βd (4.26)

=
1

2π
√
µo εd

√
β2
x + β2

y + β2
z (4.27)

where the directional wavenumbers are defined as

βx l = mπ m = 0, 1, 2, ...

βy w = nπ n = 0, 1, 2, ... (4.28)

βz h = pπ p = 0, 1, 2, ...

if l > w > h, the dominant resonance occurs when βx l = π, and it is defined as

TMz
100. This resonance is contributed by the length of the patch, which is along the

x-axis. Similarly, the resonance along the y-axis (TMz
010) occurs when βy w = π.

Therefore, the dispersion diagram can be exploited to find the resonances along the

x− and y−axes. For clarification purposes, a rectangular patch with a length of 25

mm and a width of 10 mm is considered. The patch is printed on Rogers RT/Duroid

5880 with a thickness of 5.08 mm. The resonances along the x- and y-axes (TMz
100

and TMz
010) based on the cavity model (4.27) are 4 and 10 GHz, respectively. The

same resonances are obtained using the dispersion diagram of a parallel plate filled

with Rogers RT/Duroid 5880 dielectric, as depicted in Fig. 4.17.
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Figure 4.17: Dispersion of a Parallel Plate Filled with Rogers RT/Duroid 5880 Di-

electric.

4.5.2 Metasurface Resonances

The resonances of a metasurface, similar to the patch antenna, can be extracted

from the dispersion diagram by defining the frequency at which the electrical length

is 180◦. The dispersion diagram for a metasurface is usually calculated for a single

period; however, for practical applications, multiple numbers of periods are deployed.

As the number of periods increases, the dominant resonance shifts to a lower fre-

quency, and higher order resonances begin to appear within the frequency range of

the dispersion diagram. To better illustrate this point, consider the patch antenna

discussed in the previous section, with a length 25 mm and a width of 10 mm, whose

TMz
100 resonance is 4 GHz. Now if the length is doubled (l = 50 mm), TMz

100 will

shift toward a lower frequency (2 GHz) and the 4 GHz will be at higher-order res-

onance, namely TMz
200. Similarly, if we increase the periodicity of the metasurface,

the dominant resonance for a single period becomes a higher order resonance, and

the new dominant resonance shifts to a lower frequency. Figure 4.18 sheds insight on

this concept exploiting the electrical length, and it displays how this can be applied
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to both patch and metasurface structures. The dispersion diagram for a single period

can be extended to account for multiple periodicities by multiplying the phase delay

by the number of the periodicity.
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Figure 4.18: The Impact of Doubling the Electrical Length on the Possible Reso-

nances.

With the modified dispersion diagram, all possible resonances can be easily ex-

tracted using

β(x,y) P(x,y)N(x,y) = mπ m = 1, 2, 3, .. (4.29)

where β is the longitudinal wavenumber, P is the periodicity of the metasurface, and

N is the number of periods. Equation (4.29) can be applied to find the resonances

along the x and y directions. The dispersion diagram for the metasurface illustrated

in Fig. 4.13 is re-calculated again for 2 and 3 periods in addition to the single period.

A full-wave simulator (HFSS) is used to obtain the dispersion for multiple period-

icities and to compare the results to (4.29). The eigenmode solver in HFSS repeats
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a symmetrical dispersion behavior after it reaches the 180◦ phase delay; therefore,

HFSS curves can only show up to 180◦ (or multiples of it) phase delay, as depicted in

Fig. 4.19. As observed in Fig. 4.19, when the number of periods is multiplied by the

dispersion curve of a single period, as stated in (4.29), the full dispersion behavior can

be captured where the phase delay can exceed 180◦; hence, all possible resonances,

including higher order resonances, can be easily extracted. As demonstrated in the

figure, these resonances shift as the number of the periodicity changes. In addition

to this method of extracting the resonances, there is another approach, which will be

discussed in Chapter 6.
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Chapter 5

HYBRID CIRCULAR GROUND PLANES FOR HIGH REALIZED GAIN

LOW-PROFILE LOOP ANTENNAS

5.1 Introduction

Dipole and monopole antennas are the most classic radiating elements that have

been thoroughly analyzed [32]. If these radiating elements are placed in free space,

they have a low directivity due to their omnidirectional characteristic. For example,

small electric dipoles and loop antennas have a free-space directivity of 1.761 dB

[32]. The continuous search for highly directive radiating elements has led to the

introduction of different methods to improve the directivity. One solution is to design

array antennas; however, this approach requires the use of multiple elements, which

need a complex feeding network. Another solution is to place the radiating element

above a ground plane. In this case, the ground plane behaves like a reflector, which

can improve the directivity. For example, a directivity of 8 dB was observed for a

0.48λ long dipole positioned 0.02λ above a rectangular HIS [33]. Another example, a

loop antenna with a circumference of 1.88λ (at 3 GHz) placed 0.01λ above an annular

sector HIS resulted in a directivity of 8.5 dB [15].

In this section, a circular loop element is embedded within annular hybrid HIS

rings. The dispersion diagram and the reflection phase are utilized to analyze the HIS

and determine the resonances. A printed loop antenna is used, instead of a wire type,

due to its conformability to the ground plane and ease of fabrication. To establish

the proposed ground plane, the performance of the printed loop antenna positioned

above a grounded dielectric and above a HIS are first investigated. Later, the effective
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area of the proposed design is further improved by deploying another annular ring

to form the hybrid ground plane. To validate the simulated data, a prototype was

fabricated and measured. An excellent agreement is observed between the two data.

5.2 Loop Antenna on Grounded Dielectric

For this study, a circular-geometry ground plane is considered as it is better suited

for curvilinear radiating elements than an otherwise comparable rectangular ground

plane. The loop element is designed to have a circumference of 1.3λ at 3 GHz. The

loop size is determined based so the loop element, with nonuniform current distribu-

tion, attains maximum broadside directivity around the selected length [32]. As the

circumference approaches λ, the current distribution along the loop’s circumference

is non-uniform, and it can be represented by a Fourier series [32]

I(φ) = Io + 2
M∑
n=1

In cos(nφ) (5.1)

To have unidirectional radiation without disturbing the height profile, the loop is

printed on a grounded Rogers RT/Duroid-5880 substrate (shown in Fig. 5.1). The

substrate has a thickness of h = 5.08 mm (0.2 in) with a relative permittivity εr = 2.2.

The diameter of the substrate is Ds = 134 mm (5.27 in). The detailed dimensions of

the loop are summarized in Table 5.1. The loop is excited with a 50-Ω coaxial probe

in one arm, and the other arm is shorted to the metallic ground using a via.
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Figure 5.1: A Loop Antenna Printed on a Grounded Dielectric.

Table 5.1: Dimensions of the Loop Antenna

Parameter Value

a 9.1 mm ( 0.36 in)

b 1.08 mm ( 0.04 in)

g 6.27 mm ( 0.25 in)

c 0.87 mm ( 0.03 in)

To capture the current along the circumference of the loop, a full wave simulation

(HFSS) is performed and the attained distribution at 3 GHz along the φ direction

is illustrated in Fig. 5.2. As observed, the current has a Fourier cosine distribution

along the loop arm. The obtained current distribution as represented by (5.1) can be

expressed as:

I(φ) = 0.183 + 0.76 cos(−0.824φ)− 0.752 cos(0.928φ− 0.383) (5.2)
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where φ is the angle along the loop circumference, as illustrated in the inset of Fig.

5.2. As observed in Fig. 5.2, the expression of (5.2) indicates an excellent agreement

with the extracted current values.
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Figure 5.2: Current Distribution Along the Circumference of the Printed Loop.

To highlight the performance of the loop above a grounded dielectric, the broadside

directivity and return loss are simulated over a range of frequencies and plotted in

Figs. 5.3 and 5.4, respectively. As expected, a maximum directivity of 8.3 dB is

observed at 3 GHZ since the circumference length is around 1.3λ; however, at that

frequency, the mismatch loss is very high. Thus, basically no power is radiated,

which is similar to an electric dipole positioned very closely above a PEC ground

plane discussed in Chapter 2. The close proximity of the PEC shorts out the loop

and results in a very low input resistance [Re(Zin) = 2Ω] with a high capacitive

reactance [Im(Zin) = −68Ω].
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Figure 5.3: Simulated Broadside Directivity of the Loop Antenna Above a Grounded

Dielectric.
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Figure 5.4: Simulated S11 of the Loop Antenna Placed Above a Grounded Dielectric.

5.3 Loop Antenna Loaded with Annular Sector HIS

The high mismatch loss observed for the loop antenna printed on a grounded

dielectric can be reduced by introducing a structure that alters the ground plane

influence. Due to the curvilinear shape of the loop element, periodic annular sectors
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are considered to surround the loop. The contribution of the annular sector first is

investigated exploiting the dispersion diagram. By examining the current distribution

along the loop (see Fig. 5.2), it is observed that the current is maximum at φ = 75◦

and 235◦ with a phase difference of 180◦ between the two maxima. Consequently, if

a periodic patch with a length of 0.25λ (or 90◦ electrical length) is populated around

the loop, then the overall structure will resonate. This is analogous to a bowtie dipole

with two 0.25λ arms in each side, as depicted in Fig. 5.5.

λ /4 λ /4

I

H

Figure 5.5: Loop Element Surrounded by Annular Sector at Each Side.

The selected annular periodic patches are similar to the circularly symmetric sur-

face (shown in Fig. 3.11), except that one ring is used (instead of multiple rings) to

obtain the required electrical length, as shown in Fig. 5.6. The substrate dielectric is

Rogers RT/Duroid-5880 with a thickness h = 5.08 mm. The HIS section is designed

on a substrate with a diameter of ds = 134 mm (5.27 in), which is the same diameter

used for the loop antenna positioned above a grounded dielectric discussed in the

previous section. The patch angle (Pa) for all patches is 50o, and the gap angle (ga)

between the patches is 10o. It was noticed that the patch angle (Pa) has a pronounced

impact on the input impedance; hence, it was optimized to have an input impedance

of about 50Ω around the resonant frequency. The detailed dimensions of the HIS are

summarized in Table 5.2.
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Figure 5.6: Geometry of the Loop Along with HIS Section Positioned on the Top

Surface of the Grounded Dielectric.

Table 5.2: Dimensions of the Circular HIS

Parameter Value

pa 50o

ga 10o

ds 134 mm ( 5.27 in )

ws 22 mm ( 0.86 in )

To identify the required dimension of the annular sector that possesses 90 ◦ elec-

trical length at 3 GHz, the calculation of the dispersion diagram is considered. The

dispersion diagram is obtained using HFSS, which was detailed in Chapter 4. The

equivalent model of the annular sector has a period p = 24 mm, with a length l =

22 mm. The dispersion diagram for the equivalent model is plotted in Fig. 5.7. As

displayed in the figure, the selected length meets the required electrical length at 3

GHz.
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Figure 5.7: Dispersion Diagram for Annular Sector.

To demonstrate the effect of the periodic patches on the loop performance, the

reflection coefficient of the loop in the vicinity of the periodic annular sectors is plotted

in Fig. 5.8. As observed, the loop antenna resonates at 3 GHz with a return loss of

16 dB. In addition, the simulated broadside directivities versus frequency for a loop

above a grounded dielectric and surrounded by HIS are plotted in Fig. 5.9. The

directivity at 3 GHz is improved up to 9 dB, which is 0.5 dB higher compared to the

loop antenna above the grounded dielectric.
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Figure 5.9: Simulated Broadside Directivity of the Loop Surrounded by Periodic

Annular Patches and Above Grounded Dielectric.

To shed some light on the resonance mechanism when the annular sectors are

introduced, the magnitude and the phase of the electric field inside the substrate

is extracted at 3 GHz, and it is plotted in Fig. 5.10. As observed, the magnitude
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distribution is diametrically symmetric with a 180◦ phase difference between the two

sides. Consequently, a resonance is more likely to exist since the field distribution

confirms the 0.25λ length in each arm surrounding the loop.
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Figure 5.10: The Magnitude and Phase of the E-Field Inside the Substrate.

Besides the dispersion diagram approach, the contribution of the periodic annular

sectors can also be described utilizing the reflection phase behavior. The periodic an-

nular sectors (known also Circular High Impedance Surface (CHIS)) reflection phase

can be calculated by modeling a single unit cell and applying perfect electric and

magnetic boundary conditions (PEC and PMC), as illustrated in Fig. 5.11. This

simulation arrangement is different from the one detailed in Chapter 3; however,

both setups give same results. As observed in Fig. 5.12, the zero reflection phase for

the designed unit cell occurs around 3.1 GHz. Therefore, the placement of the loop

in close proximity to the CHIS will mimic the PMC reflection behavior and enhance

the radiation and the impedance of the loop.
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Figure 5.11: HFSS Setup to Calculate the Reflection Phase of Annular Sector Unit

Cell.
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Figure 5.12: The Simulated Reflection Phase for Annular Sector Unit Cell.
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5.4 Loop Antenna Above the Proposed Hybrid Ground Plane

The directivity of the previous design can be improved if the effective area in-

creases, as in the case for the PEC ground plane discussed in Chapter 2. To elucidate

more on the effective area, the directivity as a function of a dipole’s length is exam-

ined [32] and plotted in Fig. 5.13. As demonstrated, the directivity increases with

the dipole length, and it reaches its maximum value of 5.16 dB when the length is

around 1.25λ. Therefore, if the electrical length of the periodic annular sector is ex-

tended slightly to 0.625λ on each side of the loop, then a further enhancement of the

directivity is expected.
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Figure 5.13: The Maximum Directivity of a Dipole as a Function of Length.

Now, to increase the electrical length of the periodic patches to an overall 360◦

(180◦ in each side), a straight forward solution is to implement another annular sector

ring with same width (wb = wa) as the first annular sector (see Fig. 5.14). However,

to achieve the maximum directivity, the width of the second ring has to be somewhat

larger. Additionally, unlike the angle of first annular sector (pa), it was observed that
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the patch angle for the second ring (pb) does not influence the input impedance when

its electrical length (wb) is slightly larger or equal to 90◦. To illustrate this point,

consider the geometry of Fig. 5.14, when two annular rings are deployed around

the loop. The detailed dimensions of the proposed ground plane are summarized in

Table 5.3. The angular period of the second ring (gb + pb) in the φ-direction is 60◦.

Consequently, if the angle of the annular patch pb = 60◦, the second ring will form a

solid annular ring instead of annular sectors. With that in mind, the influence of the

annular patch angle (pb) on the input impedance and directivity is examined.

X

Y Zpb

pa
gp

ds

wb
wa

gl

ga

gb

Figure 5.14: The Proposed Ground Plane with a Printed Loop Placed in the Middle.
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Table 5.3: Dimensions of the Proposed Ground Plane.

Parameter Value

ds 67 mm

pa 50o

ga 10o

wa 22 mm

gl 1.8 mm

gp 2 mm

wb 24 mm

The input impedance and the broadside directivity are plotted in Fig. 5.15. As

illustrated, a slight enhancement in the broadside directivity is observed; however, the

input impedance is almost constant. Consequently, a solid annular ring is considered

for the second ring, and the structure is deemed as a hybrid ground plane.
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Figure 5.15: The Input Impedance and the Broadside Directivity as a Function of pb.
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Figure 5.16 displays the simulated reflection coefficient of the printed loop posi-

tioned above: a grounded dielectric, an annular sector HIS, and the hybrid ground

plane. The -10 dB impedance bandwidth of the loop in the vicinity of the HIS is

2.89–3.10 GHz, which leads to a fractional bandwidth of 7%. However, when the

loop positioned around the proposed hybrid ground plane, the -10 dB bandwidth

falls within 2.83 and 3.22 GHz, which enhances the fractional bandwidth up to 13%.

Thus, the presence of the hybrid rings does not degrade the matching bandwidth,

but it rather improves the fractional bandwidth. The simulated broadside directivity

of the loop element above: a grounded dielectric, an HIS, and the proposed hybrid

ground plane is plotted in Fig. 5.17. The presence of the solid ring around the HIS

section contributes to an increase of the directivity of the loop over the frequency

range of 2.54 – 3.32 GHz, which is within the range of the matching bandwidth. At

the resonant frequency (3 GHz), the directivity of the loop antenna in the vicinity

of the hybrid ground plane is increased up to 11 dB, which is 3 dB higher than the

directivity of the same loop when positioned above the grounded dielectric.
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Figure 5.16: Simulated Reflection Coefficient of the Loop Antenna Above the Three
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5.5 Fabrication and Measurements

To experimentally verify the proposed design, a prototype was fabricated; the con-

figuration is shown in Fig. 5.18. As illustrated, the structure was realized exploiting

two metallic layers. The top layer was devoted for the loop and the hybrid rings,

while the bottom layer was used to attach the SMA connector and used as a common

ground plane. A photograph of the prototype antenna is shown in Fig. 5.19. The

inner conductor of the coaxial cable was soldered to one arm of the printed loop, and

the outer connector of the cable was soldered to the ground plane of the substrate.

Hybrid rings

Ground

Roger 5880

Loop

Shorting
pin

SMA
connector

Figure 5.18: Sectional View of the Proposed Antenna.

73



Figure 5.19: A Photograph of the Fabricated Antenna.

The reflection coefficient was measured using a Hewlett Packard 8510C network

analyzer at the Arizona State University (ASU) anechoic chamber facility, as illus-

trated in Fig. 5.20a. Also, the gain in the broadside direction and the radiation

pattern were measured, as shown in Fig. 5.20b.
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(a) (b)

Figure 5.20: (a) Return Loss Measurement Setup. (b) Radiation Pattern Measure-

ment Setup.

The measured and simulated reflection coefficients, realized gain, and radiation

pattern are shown in Fig. 5.21, Fig. 5.22, and Fig. 5.23, respectively. A reflec-

tion coefficient of 24 dB at 2.9 GHz with a 13% fractional bandwidth is observed.

Furthermore, a 10.5 dB stable gain is realized over the matching bandwidth. The ra-

diation pattern at 3 GHz, shown in Fig. 5.23, is nearly symmetric with a half-power

beamwidth of 65o. An excellent agreement between the simulated and the measured

results was obtained.
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Figure 5.21: Comparison of the Measured and the Simulated Reflection Coefficients.
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Gain.
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Figure 5.23: Comparison of the Measured and the Simulated Amplitude Radiation

Patterns at 3 GHz.
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Chapter 6

PERFORMANCE ENHANCEMENT OF SQUARE-RING ANTENNAS

EXPLOITING SURFACE-WAVE METASURFACES

6.1 Introduction

Printed antennas have received great interest among a wide variety of portable

communication systems, due to their distinctive features of low-profile, low cost, and

ease of fabrication. Square and circular patch antennas are the most common printed

antennas, and their characteristics have been thoughtfully documented [32], [37].

Square-ring antennas are similar to square patches except that the central metal-

lic section is removed. As a consequence of this perturbation, the input resistance

increases and the resonance shifts to a lower frequency, compared to their square

patch counterparts [38].

Most printed antennas are known for their limited matching bandwidth (fractional

bandwidth). Loading and stacking techniques have been reported to alleviate the

narrow matching bandwidth of ring antennas [38], [39]. However, such approaches

increase the height profile (in case of stacked technique) or they just lead to a small

bandwidth improvement (2% improvement in the loading approach). Consequently,

metasurfaces have been utilized in the vicinity of printed antennas to enhance the

matching performance [15], [29].

The loading of the periodic metallic patches to dielectric covered ground plane

alters favorably the characteristic of the ground plane, and it ameliorates the matching

bandwidth of adjacent radiating elements. The frequency, where the reflected field at

surface of periodic patches undergoes zero degree shift, is termed as High Impedance
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Surface (HIS) resonance [7]. In addition to the HIS resonance, the recurring patches

modify the characteristics of the surface waves and can further widen the bandwidth

[27,28].

In this chapter, the radiation performance of a square-ring antenna, in the vicinity

of a metasurface, is considered and investigated. Due to the finite physical size of the

metasurface, surface wave resonances are excited to broaden the matching bandwidth

of the adjacent radiating element. Most reported surface wave designs have been de-

voted to radiating elements above or below square metasurfaces. Unlike square-patch

metasurfaces, rectangular patches are considered in this design as they can provide

independent control over the propagation of surface waves along the principal planes.

To devise an efficient design of launching surface waves with broadside radiation,

various configurations (radiating element within, above, and below metasurfaces) are

discussed in Section 6.3, and the radiation characteristics are investigated. Among

the different designs, a radiating element embedded within metasurfaces provides a

superior performance compared to the other two configurations. To validate the pro-

posed design, a prototype was fabricated and measured; an excellent agreement was

achieved between simulated and measured data.

6.2 Surface Waves and HIS Resonances

Recurring rectangular patches are placed on a grounded dielectric to model the

metasurface (MS) structure. Three unit cell layouts are investigated and labeled as

A, B, and C, and are displayed in Fig. 6.1a. While the three unit cells have the same

patch size and periodicity (px and py), they differ with respect to the superstrate

layer. Units A and B have a metallic patch either on the top or bottom layer of

the superstrate, while the superstrate layer is omitted in unit C, and the patch is

printed on the top layer of the substrate. The substrate and superstrate are modeled
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on Rogers RT/Duroid-5880 dielectric (εr = 2.2, tanδ = 0.0009) with thickness of h1

= 5.08 mm, and h2 = 1 mm. The details of the other parameters are specified in the

caption of Fig. 6.1.
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(a) Dispersion diagram
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(b) Reflection phase

Figure 6.1: (a) Dispersion Diagram and (b) Reflection Phase of Various Unit Layouts.

The Design Parameters (in mm): h1 = 5.08, h2 = 1, px = 20.5, py = 12.5, l = 16, w

= 9.
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To analyze the three unit cells, a full-wave solver (HFSS) is used to obtain the

reflection behavior and the dispersion diagram, as depicted in Fig. 6.1. The reflection

phase for normal illumination is extracted at the top face of each unit cell exploiting

a Floquet port. The dispersion diagram, on the other hand, is obtained utilizing

the eigenmode solver in HFSS after applying the master-slave boundary conditions.

Only the dominant mode (TM mode) is considered in the dispersion analysis as TE

does not support slow-wave propagation in the frequency range of interest. The first

observation is that all unit cells have a similar dispersion behavior as the surface

waves travel along the x -direction (Γ → X). However, unit A exhibits a different

behavior as the wave propagates in the transverse direction (Γ → Y). The observed

discrepancy can be attributed to the different field confinements, which is analogous to

the effective dielectric constant in strip and microstrip lines. A very slight dispersion

deviation is found between units B and C due to the superstrate thickness being

small. When the metasurface structure is truncated, slow wave resonances can be

excited; these resonances vary with the size of the MS, and they can be determined

by [27]

βSW(x, y)
L(x, y) = mπ m = 1, 2, ... (6.1)

L(x, y) = P(x, y)N(x, y) (6.2)

where βSW(x, y)
is the propagation constant of the surface wave, P(x, y) represents the

cell periodicity, and N(x, y) is the number of unit cells along x - or y-directions. By

drawing a vertical line representing the solution of (6.1) on the dispersion diagram,

the resonances of the surface waves along x - and y-directions can be extracted by

the intersection between the TM mode curve and the vertical line. Since a square-

ring antenna is utilized to operate in the dominant mode (TMx
11), TM surface waves

are more likely to be excited as slow-wave propagation is supported around the ring
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element’s resonance. The solution of (6.1) for a 3 x 4 MS structure, where Nx = 3

and Ny = 4, is shown in Fig. 6.1a. Next to each vertical line, the value of m in

(6.1) is labeled. Only m ≥ 2 are considered as they are located in the slow-waves

region, which can be efficiently excited. For all unit cell layouts, the resonances of

surface waves along the x -direction (fSW−x) and y-direction (fSW−y) are tabulated

in Table 6.1; in addition to the surface-wave resonances, the HIS resonances (fHIS−x,

fHIS−y) along x and y axes are also listed. The HIS resonances represent the in-phase

reflection, zero-degree reflection phase, of the different unit layouts, as displayed in

Fig. 6.1b. The fHIS−x should be in the proximity of the ring-antenna resonance

(TMx
11) to surpass the radiating element resonance [1].

Table 6.1: Surface Wave and HIS Resonances

Unit Cell A B C

fSW−x (GHz) 4.2, 5.1 4.2, 5.1 4.3, 5.2

fSW−y (GHz) 4.6, 5.1, 5.3 4.8, 5.5, 5.7 5.0, 5.6, 5.8

fHIS−x (GHz) 3.7 3.7 4.1

fHIS−y (GHz) 4.8 5.0 5.5

6.3 Ring Antenna and Metasurfaces

Although multiple slow-wave resonances were defined in the previous section, they

can be efficiently excited if a TM source is utilized. Hence, a square-ring antenna is

a good candidate to excite additional surface-wave resonances, besides its dominant

mode resonance. To investigate an efficient design for launching surface waves with

a square-ring radiator, four configurations are considered, as illustrated in Fig. 6.2.

Three of the illustrated configurations have a square ring (radiator) in the vicinity of
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the MS; namely, radiator above MS (RAMS), radiator below MS (RBMS), and radi-

ator within MS (RWMS). For the sake of visualization, a small portion of the RAMS

and RBMS was removed in Fig. 6.2. The defined HIS and surface wave resonances

for units A, B, and C correspond to RAMS, RBMS and RWMS, respectively. To

highlight the effect of the HIS resonance and surface-wave excitation, a conventional

radiator (CR) is considered in this analysis. The dimensions are listed in the caption

of Fig. 6.2. In all four configurations, the ring antenna is fed with a 50-ohm coaxial

probe along the x -axis to excite the TMx
11 mode [38]. The probe has a diameter di =

1.27 mm, and it is fed at (fx, fy) = (9 mm, 0).

h1h2

h2

l

w

gx

gy

h1 h1

wo

h1

Radiator above MS 

(RAMS)

Radiator below MS 

(RBMS)

Radiator within MS 

(RWMS)

Conventional radiator 

(CR)
x

y

z ws
ls

metasurface
square-ring element

substrate (RT 5880)
metallic ground

superstrate (RT 5880)
probe

wi

Probe location 

(fx , fy)

do

di

Figure 6.2: Different Configurations of the Ring Element in Vicinity of the MS. The

Design Parameters are: h1 = 5.08 mm, h2 = 1 mm, l = 16 mm, w = 9 mm, gx =

4.5 mm, gy = 3.5 mm, wi = 11 mm, wo = 20 mm, ls = 61.5 mm, ws = 50 mm. The

Coaxial Dielectric is Teflon (εr = 2.08) with a Diameter (do) of 4.1 mm.

83



The resonances of the radiator and the surface waves can be identified by examin-

ing the frequencies at which the real part of the input impedance attains its maximum

value [27], as depicted in Fig. 6.3a. For the CR configuration, only one resonance

exists at 3.6 GHz, which is referred to as radiator resonance (frad). The frad agrees

with the calculated resonance of the ring antenna reported in [37]. When the MS

is introduced, the frad shifts slightly to a lower frequency due the coupling between

the radiator and the MS. In addition to frad, surface-wave resonances (fsws) begin to

contribute for the RAMS, RBMS and RWMS. For the RAMS, the fsws are 4.3, 4.9,

5.1, and 5.5 GHz, which are found to be close to the extracted resonances of unit A

along x and y directions.
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(a) Input Resistance

(b) Reflection Coefficient

Figure 6.3: (a) Real Part of Input Impedance, and (b) Reflection Coefficient for the

Different Designs Illustrated in Fig.6.2.

For the RBMS design, resonances at 4.3 and 5.1 GHz are observed, and they

relatively agree with the defined resonances along the x -axis of unit B. On the other

hand, the fsws for the RWMS are excited at 4.6 and 5.1 GHz. The 4.6 GHz resonance

deviates somewhat from the resonance of unit C (fSW−x) listed in Table 1. This

difference is attributed to the perturbation in the metasurface periodicity as a result

of embedding the radiator.
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To further investigate the performance of the different designs, the reflection coef-

ficient (S11) for a 50-ohm source are displayed in Fig. 6.3b. As seen, the conventional

radiator (CR) has a single resonance at 4.6 GHz with poor matching. However, when

the ring radiator is placed in close proximity to the MS, besides the excitation of

surface-waves, the matching of radiator’s resonance is improved with slight shift to a

lower frequency. For the RBMS and RWMS configurations, the resonances of the ra-

diator and the surface wave are closely-spaced, which results in fractional bandwidths

(S11 ≤ −10 dB) of 17%, and 31%, respectively. However, for the RAMS with a small

matching bandwidth, the resonances are far apart. From the aforementioned results,

the embedded square ring provides an exceptional matching bandwidth compared to

the other designs.

To emphasize the impact of the excited surface waves on the radiation perfor-

mance, the broadside realized gain, with all losses taken into accounts, is examined

for the various structures and plotted in Fig. 6.4. At lower frequencies, the broadside

realized gain is higher in the vicinity of the MS compared to the CR; however, for

the RAMS and RBMS configurations, the realized gain begins to fluctuate as the

frequency increases. The two designs follow similar broadside behavior due to the

comparable excited surface waves, which was not evident in the result of the input

impedance. The perceived unstable broadside radiation is owing to the excitation

of the surface waves along both x and y directions, causing non-broadside radia-

tion. To justify this observation, the realized gain pattern for the RAMS design at

4.9 GHz is inset in Fig. 6.4 a. As illustrated, non-broadside radiation is observed,

and both components (θ andφ) constructively radiate at 60◦. To further expand the

analysis, the normalized magnitude of Ez, inside the substrate (h1/2), at 4.9 GHz

is investigated and plotted in Fig. 6.4b. The plotted field is calculated along the

y-axis on a line, dotted white line in Fig. 6.4b, positioned at x = -8 mm from the
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center of the ring. For RAMS and RBMS, the plotted field is maximum near the

edges of the substrate resulting in destructive interference in the broadside direction.

While for CR and RWMS, the field is maximum at the center, and it decays as it

reaches the edge leading to a broadside radiation. Consequently, when the radiator

is placed within the MS (RWMS), the realized gain is constantly maintained above 8

dBi from 3.8 to 5.2 GHz. This interesting radiation behavior, observed in RWMS, is

due to the excitation of the radiator mode accompanied by a couple of surface waves

along the x -direction. The implementation of rectangular-patches MS, along with

the disturbance of periodicity, contribute to the outstanding matching and radiation

performance observed for the RWMS.
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Figure 6.4: (a) Broadside Realized Gain of the Various Configurations, with Inset

Showing the Radiation Pattern for RAMS at 4.9 GHz. (b) Normalized Magnitude of

Ez Inside the Substrate, with Inset Displaying the Position (Dotted White Line) of

the Extracted Field.
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6.4 Impact of Surface-Wave Resonances on Performance of RWMS

The RWMS design provides the most favorable performance compared to the other

models; therefore, only the RWMS design is examined in this section. The length and

width of the periodic patches are varied to demonstrate their impact on the excited

surface-wave. The periodicity of the patches (px and py) is maintained fixed at 20.5

mm and 12.5 mm, respectively. Only one parameter is varied at a given time while

all other parameters are held constant, as detailed in the caption of Fig. 6.2. As

illustrated in Fig. 6.5, varying the length impacts both resonances; the radiator and

surface waves.
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Figure 6.5: Impact of Varying the Length of the Periodic Patches on Reflection

Coefficient (a) and Broadside Realized Gain (b).

The shift of the resonances is expected since the length (l) is along the direction

of the excited surface waves (fSW−x), and along the HIS resonances (fHIS−x). An

interesting phenomenon in the broadside realized gain is observed when l = 18 mm

or (2w). It exhibits a similar radiation behavior as the RAMS and RBMS, which is

depicted in Fig. 6.4; this is attributed in that they share similar dispersion behavior,

which results in comparable resonances of the excited surface waves. The influence on
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the performance by varying the width of the periodic patches (w) is also examined,

as illustrated in Fig. 6.6. For the RWMS design, the width is along the transverse

direction of the excited surface waves; therefore, altering the width has a negligi-

ble influence on the dispersion behavior along the direction of the excited surface

waves [40]. Consequently, the width has small impact on the reflection coefficient and

realized gain.
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Figure 6.6: Impact of Sweeping the Width of the Periodic Patches on the Reflection

Coefficient (a) and Broadside Realized Gain (b).

For surface-wave antennas, the size of the substrate impacts the radiation perfor-

mance, as the surface waves diffract from the edges causing constructive/destructive

interference [33]. Therefore, the influence of the substrate size is examined, as de-

picted in Fig. 6.7. As observed, the width of the substrate does not disturb the

matching bandwidth, but it does increase the realized gain at higher frequencies.
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However, the length of the substrate alters both the matching bandwidth and the

realized gain. The change in resonance is owing to (6.1), as the resonances of surface

wave strongly depends on the length of the cavity. By increasing the length of struc-

tures, the resonances shift to lower frequencies, and they move closer to each other [6].

A 3-dB gain enhancement is observed at 4.9 GHz when the size of the substrate is

75 x 75 mm. The gain increase is attributed to (in addition to the constructively en-

hanced diffracted surface waves) the superimposed surface wave resonances, as they

are closely spaced when the cavity length increases [6].
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Figure 6.7: Impact of Varying the Substrate Size on Reflection Coefficient (a) and

Broadside Realized Gain (b).

6.5 Fabrication and Measurements

To verify the simulated results related to the RWMS design, a prototype was

fabricated and measured, as shown in Fig. 6.8. The substrate is Rogers RT/Duroid-

5880 (εr = 2.2, tanδ = 0.0009) with thickness of 5.08 mm, and size of 75 x 75 mm.
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The other parameters of the RWMS are specified in the caption of Fig. 6.2. A flange

mount SMA connector was used to feed the antenna. The measured and simulated

Figure 6.8: Different Views of the Fabricated Prototype of the RWMS Design.

results of reflection coefficient and broadside realized gain are displayed in Fig. 6.9.

An excellent agreement is observed between the measured and simulated data. The

fractional bandwidth (S11 6 −10) is 27% from 3.8 to 5 GHz. The total radiation

patterns at two different cuts (φ = 0◦ and 90◦) for 4 GHz and 5 GHz are illustrated in

Fig. 6.10. Nearly symmetrical radiation patterns are viewed with excellent agreement

between the simulated and measured data.
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Figure 6.9: Comparison Between Simulated and Measured Data. (a) Reflection Co-

efficient. (b) Broadside Realized Gain (θ = 0◦, φ = 0◦).
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Chapter 7

LINEAR AND CIRCULAR POLARIZED METASURFACES ANTENNA ARRAY

UTILIZING SQUARE-RING ELEMENT

7.1 Introduction

Metasurfaces have advanced antenna technology and have promoted a variety of

antenna features. One of the interesting metasurface features is the capability of

supporting and guiding surface waves. The excitation of surface waves, if they are

excited properly, enhances the overall antenna performance [26, 27]. Consequently,

several printed antennas have been reported, and the influence of the surface waves

excitation has been examined. Monopole-like radiation has been achieved using a

circular patch in the vicinity of uniform square metasurfaces [28] and non-uniform

metasurfaces [41]. Similarly, surface waves have been excited utilizing a square ring

element surrounded by anisotropic metasurfaces yielding broadside radiation [30].

Another broadside radiation design has been realized by placing a diamond-shape

patch element in the vicinity of square-patches metasurfaces [42].

To further promote the radiation performance, studies have expanded the analysis

to include multiple radiators in the vicinity of metasurfaces to form what is referred to

array metasurface antennas [42, 43]. The reported designs require a specific spacing

between the metasurface supercell to maintain and realize the high broadside gain.

This spacing degrades the aperture efficiency and reduces the maximum attained

gain. As it will be demonstrated in this chapter, the spacings between the metasurface

supercell can be reduced without disturbing the functionality of the design.
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The aforementioned designs are linearly polarized, and they have a wide range of

potential low-profile applications. The superiority of circular polarization over linear

polarization inspired researchers to investigate the possibility of designing circularly

polarized metasurface antennas. The advantages of circular polarization include alle-

viation of polarization mismatch losses and better stability for the received signal [6].

The circular polarization can be realized by placing a linear-to-circular metasurface

superstrate above radiating elements [44]. This approach requires a certain spac-

ing between the radiating element and the metasurface superstrate, which disturbs

the overall height-profile. The second approach is to excite surface waves in two or-

thogonal planes that share the same magnitude and 90◦ phase difference [45–47]. A

truncated square patch element positioned in close proximity to square-patch meta-

surfaces resulted in 7 dB peak gain, a fractional bandwidth of 45.6%, and 3-dB

AR bandwidth of 23.4% [45]. Another design implemented planar slot to excite

rectangular-patches metasurfaces and led to an average gain of 5.8 dB, an impedance

bandwidth of 33.7%, and a 3-dB AR bandwidth of 16.5% [46]. The low peak gain

observed in the above-mentioned designs is enhanced up to 12 dB by forming a 2x2

array of truncated patch elements positioned below square-patches metasurface [47].

This gain can be further promoted by exciting surface waves along with the active

element’s fundamental mode, which will be demonstrated in this work.

In this chapter, an array of multiple square ring elements embedded within a

metasurface is presented. With different array configurations, linear and circular

polarizations are proposed. For the linear polarization, a 1x4 square ring elements

are printed on the same plane with periodic patches. With a spacing of 0.56λo between

the elements, a high realized gain with high aperture efficiency is attained. For the

circular polarization, a 2x2 structure is considered with a spacing of 0.85λo between

the ring elements. After analyzing the port isolations between the ports, a simple
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parallel feeding network is designed and incorporated with the structures. Due to the

similar characteristic of the two arrays, only the 2x2 circular polarized structure is

experimentally validated.

7.2 1x4 Linearly Polarized Metasurface Array

The array designs considered in this letter are based on the structure proposed

in [4]. The radiator within the metasurface (RWMS) is extended in this study due

to its wide matching bandwidth and stable unidirectional radiation. For brevity,

this chapter does not cover the analysis and the design of RWMS; the interested

readers can refer to [30] to develop an understanding of the RWMS design. A one-

dimensional (1D) array is designed as illustrated in Fig. 7.1a. The array has four

square-ring elements utilized to launch surface waves in addition to their resonances.

The interelement spacing s = 37.5 mm, which is about 0.56λo at 4.5 GHz. The

substrate is Rogers RT/Duroid-5880 (εr = 2.2, tanδ = 0.0009) with a thickness h =

5.08 mm. The ring elements and the metasurface patches are printed on the top

face of a single substrate whose length ls = 191.5 mm and width ws = 62 mm. The

remaining parameters are detailed in the caption of Fig. 7.1. Since the design relies

on the excitation of surface waves, it is interesting to shed some light on the isolation

between the ports. Therefore, the ring elements are individually fed with four coaxial

probes, as presented in Fig. 7.1a. For optimum broadside radiation, all elements are

excited with the same magnitude and phase.
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Figure 7.1: 1x4 Square Ring Elements Embedded Within Metasurface and Excited

with (a) Four Coaxial Probes and (b) Feed Network. The RWMS Parameters are:

wi = 10 mm, wo =20 mm, l = 16 mm, w= 9 mm, gx = 4.5 mm, and gy = 3.5 mm.

The Feed Network Parameters are: l1 = 96.3 mm, l2 = 10 mm, l3 = 11.85 mm, l4 =

25.65 mm, l5 = 10 mm, l6 = 11.85 mm, l7 = 9.29 mm, l8 = 6.9 mm, gs = 2.74 mm,

v = 1.143 mm, w50= 1.1 mm, and w70= 0.7 mm.
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The reflection coefficients and the mutual coupling between the coaxial ports are

simulated and presented in Fig. 7.2. The -10 dB reflection coefficient for all ports

(dotted red line) is about 28% from 3.9 – 5.2 GHz, which is the same bandwidth

attained with a single RWMS [30]. The isolation between two adjacent elements

(e.g. S12) is low at lower frequencies and reaches up to -10 dB at 5.2 GHz. This

is attributed to the surface waves along the y-axis, which begin to resonate above 5

GHz [30], and they disturb both the port isolation and the broadside radiation. The

isolation can be improved by increasing the spacing between the square-ring elements;

however, this approach will introduce undesired sidelobes. Once the port isolations

are examined, a parallel feeding network, presented in Fig. 7.1b, is designed for

practical implementation of the RWMS array. The feeding network is also designed

on Rogers RT/Duroid-5880 substrate whose thickness hf = 0.38 mm. The feed is

stacked below the 1x4 array, and the outputs of the feed are coupled to the ring

elements by means of plated through vias. The dimensions of the feed network are

detailed in the caption of the figure. For comparison purposes, the S11 is investigated

for the feed network when it is connected to:

• RWMS array.

• Conventional square element array (in the absence of metasurface).

As illustrated in Fig. 7.2, when the feed is connected to the RWMS array, the -10

dB fractional bandwidth is comparable to that obtained with coaxial ports; however,

poor matching is attained when the feed is integrated with a conventional 1x4 square

ring array.
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Figure 7.2: S-Parameters for the 1x4 RWMS Array.

To further examine the influence of coupling on the radiation behavior, the broad-

side realized gain is examined and plotted in Fig 7.3. At lower frequencies, the gain

is the same when the RWMS is excited either by the feed network or the multiple

coaxial probes; however, the two results begin to deviate slightly around 4.7 GHz,

which is attributed to the more pronounced impact of coupling.
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Figure 7.3: Broadside Realized Gain for the 1x4 RWMS Scheme.

The simulated realized gain, when the RWMS is excited with a feed network,

ranges from 13.5 dB at 4 GHz and reaches up to 14.8 dB at 5 GHz. This observed high

gain for the RWMS cannot be attained in the absence of metasurfaces, as displayed

in Fig. 7.3. The aperture efficiency at 4.5 GHz is about 83% for the RWMS array,

while it is only 52% for a conventional square ring array.

7.3 2x2 Circularly Polarized Metasurface Array

In addition to the linearly polarized RWMS structure, the RWMS design is ex-

tended to form a circularly polarized array. Since the RWMS is designed to excite

surface waves on a single plane [30], circular polarization (CP) can be achieved by

arranging orthogonal structures of RWMS fed with 90-degree phase difference. To

achieve a gain comparable to the linear RWMS, a 2x2 RWMS scheme was designed,

as displayed in Fig. 7.4a. The feed network parameters are: l1 = 50.875 mm, l2 =

12 mm, l3 = 20 mm, l4 = 2.25 mm, l5 = 7.2 mm, l6 = 12 mm, l7 = 37.87 mm, l8 =

16.92 mm, l9 = 0.69 mm, w50 = 1.1 mm, w35 = 1.9 mm, gs = 2.74 mm, v = 1.143
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mm, wf = lf = 6 mm, gf = 2.45 mm, r1 = 1.4 mm, r2 = 6.5 mm, and t = 0.79 mm.
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Figure 7.4: 2x2 Square Ring Elements Embedded Within Metasurface and Excited

with (a) Four Coaxial Probes, and (b) Feed Network.
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A square grounded dielectric is modeled with a thickness h = 5.08 mm, and a

length lsub = 133 mm. The spacing (s) along the x− and y− planes is 56 mm, which

corresponds to 0.85λo at 4.5 GHz. The dielectric material, the dimensions of the ring

elements, and the metasurface patches are identical to those given in the 1x4 array.

Similar to the linear array, the coupling between the ring elements is investigated first

by individually feeding the ring elements with four coaxial probes.

The simulated scattering parameters for the 2x2 circular polarized structure are

depicted in Fig. 7.5. The -10 dB fractional bandwidth is slightly less than that for

the 1x4 array, with a bandwidth of 25% from 3.9 to 5.0 GHz. The mutual coupling

between vertically/horizontally adjacent ports and diagonally orientated ports is less

than -20 dB, which is lower than those observed in the 1x4 linear array. This is

attributed to the orthogonality of the excited surface waves, which agrees with the

findings in [48]
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Figure 7.5: S-Parameters for the 2x2 RWMS Array.
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Once the coupling was examined, a parallel feeding network was designed to excite

all four ring elements with a single coaxial feed, as demonstrated in Fig. 7.4b. The

feed was designed at the center frequency (4.5 GHz) to split the power equally among

the four ring elements with 90◦ phase increment. The feed can dictate the sense

of rotation of the CP (RHCP or LHCP) depending on the orientation of the phase

increment (clockwise or counterclockwise); in this work, the feed was modeled to

realize RHCP. The feed was designed on Rogers RT/Duroid-5880 substrate, which

has a thickness (hf ) of 0.38 mm. Similar to the 1x4 linear array, the feeding substrate

was stacked below the 2x2 circular array, and the outputs of the feed network are

coupled to the ring elements using vias. The remaining dimensional parameters of

the feeding network are detailed in the caption of Fig. 7.4. When the feed network

excites the 2x2 RWMS, the -10 dB matching bandwidth is larger than that obtained

with the four coaxial feeds. This is attributed to the parallel feed structures, which

do not provide any isolation between the ports; therefore, any reflected power from

any port can couple through to other ports resulting in small power return back to

the feed.

To further analyze the performance of the 2x2 RWMS structure, the broadside

realized gain and the axial ratio were examined. The simulated results for the two

different feed approaches are presented in Fig. 7.6. When the structure is fed with

individual probes, the realized gain is 13.5 dB at 4 GHz and reaches up to 15.8 dB at

4.8 GHz. Almost similar gain is attained when the feed network is utilized. However,

there is a noticeable discrepancy in the axial ratio between the two feeding methods.

For the individual feed approach, the broadside axial ratio (AR) is below 0.25 dB over

the design frequency range; it is only below 3 dB over a more narrow frequency range

(3.9 GHz to 5.1 GHz) when the structure is excited with the feed network. This can

be explained by extracting the current that is delivered to each ring element.
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Figure 7.6: Broadside RHCP Gain and Axial Ratio for 2x2 RWMS Scheme.

The field calculator in HFSS is utilized to calculate the current around the vias

that are connected to each ring element. As observed in Figure 7.7, the delivered

current magnitude to each ring is relatively equal at the frequency range 4 to 5.1

GHz, which falls within the designed bandwidth. The current phase difference be-

tween the two neighboring ring element (∆Pij) is also calculated and plotted in Fig.

7.7. Around the designed frequency spectrum, the phase difference for most adjacent

elements (∆P12, ∆P23, ∆P34) are fluctuating around 80◦. However, the phase differ-

ence between ring 1 and 4 (∆P14) is slightly off, and it is oscillating around 110◦. The

reason for the magnitude and phase fluctuations is due to the poor isolation of the

considered feeding network, which leads to magnitude and phase errors that influence

the axial ratio [49]. The axial ratio, along with port isolation, can be enhanced by

considering a Wilkinson power divider. Although the axial ratio degraded when the

parallel feeding topology was incorporated, it is acceptable (below 3 dB) within the

designed frequency range.
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Figure 7.7: Delivered Current Magnitude to Each Ring Element (a), and Current

Phase Difference Between Adjacent Elements (b).
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7.4 Fabrication and Measurements

To experimentally validate the simulated data, the proposed 2x2 RWMS circular

array was fabricated, as depicted in Fig. 6.8. Since linear and circular RWMS arrays

share similar characteristics, only the circular array was considered for fabrication.

The substrate materials and the dimensions of the fabricated design are identical to

those given in Fig. 7.4. An edge mount SMA connector was soldered to the feed

network substrate, as demonstrated in Fig. 7.8. Four nylon screws were placed at the

corner to tighten the feed and RWMS substrates together and avoid any misalignment.

Figure 7.8: Top and Bottom Views of the Fabricated Prototype of the 2x2 RWMS

Array Incorporated with the Feed Network.

The comparison of the measured and simulated results are displayed in Figs.

7.9 and 7.10. The simulated and measured S11 and the axial ratio show a good

agreement; however, the broadside RHCP gain is about 1 dB lower than the simulated

value. This deviation could be attributed to the fabrication tolerance and the stacking

assembly error. The measured and simulated radiation patterns along different planes

are displayed in Fig. 7.10; good agreement is observed between the simulated and

measured patterns.
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Figure 7.10: Simulated and Measured Radiation Patterns at xz- and yz-Planes.
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Chapter 8

CONCLUSIONS AND FUTURE WORK

8.1 Conclusions

The directivities of radiating elements above different ground planes are investi-

gated. Initially, the directivity of radiating element above PEC and PMC ground

planes are analyzed. A far-field analytical model for electric and magnetic radiating

elements, positioned horizontally above PEC and PMC ground planes are derived us-

ing image theory. The directivity, based on the analytical formulations, is compared

with that simulated by the finite element method using HFSS; A good agreement is

observed between them.

The fixed reflection phase and surface impedance possessed by PEC and PMC

ground planes can be altered by modifying the structure geometry. Coated and

corrugated PEC along with high impedance surface (HIS) are discussed as they are the

most common techniques to modify the PEC behavior. A couple of HIS geometries

are reviewed and the reflection phase using HFSS was obtained. In addition, the

dispersion diagrams of different surfaces, that are analytically developed, compare

very well with HFSS. The dispersion diagrams are then utilized to extract the possible

surface waves resonances.

Furthermore, metasurfaces have been favorably utilized to enhance the perfor-

mance of a circular loop and square-ring radiating elements. For the circular loop

element, annular periodic patches are deployed around the loop to alleviate the high

mismatch loss and enhance the radiation. When a single annular sector ring is de-

ployed around the loop, a broadside directivity of 9 dBi is attained. To further en-
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hance the directivity, the effective area is increased by adding another ring and form

a hybrid ground plane, which leads to a directivity of 10.5 dBi. For the square ring

element, various designs are analyzed to excite surface waves. Among the various pos-

sible designs of launching surface waves, the RWMS (Radiator Within Metasurfaces)

provides wide matching bandwidths with stable broadside radiation. To further ad-

vance the radiation performance, the size of the ground plane is optimized resulting in

a matching bandwidth of 27% and a maximum realized gain of 11.9 dBi. The height-

profile of the final design (0.07λo), in addition to the simple probe feeding, makes the

circular and rectangular design appealing for low-profile applications. To provide an

experimental validation of the circular and rectangular loop designs, prototypes were

fabricated; an excellent agreement between the simulation and measurement data was

achieved.

To further enhance the directivity, a RWMS structure was extended to form dif-

ferent array schemes for linear and circular polarizations. The first arrangement was

a 1x4 linear RWMS array, which resulted in a peak gain of 15 dBi in the broadside

direction. The second scheme was for circular polarization where a 2x2 RWMS ar-

rangement was adapted; a similar gain was attained with better isolation between the

ports. To practically realize the two array schemes, a simple parallel feeding network

was designed and incorporated with the arrays.

8.2 Future Work

The proposed square ring element is deployed with uniform periodic patches to

enhance the broadside radiation. Furthermore, the design was extended to form

arrays with different polarization. Further advancement can be considered as future

work, and outlined in what follows:

• tilted beam radiation: The proposed RWMS design has many potential applica-
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tions when broadside radiation is required. However, some applications require

a low-profile design with a tilted beam. This can be accomplished by deploying

nonuniform planar periodic patches (see Fig. 8.1) as for leaky wave structures.

Most leaky wave designs utilize a monopole as an exciter, which might dis-

turb the height profile. To maintain low profile, one can consider a square ring

element embedded within nonuniform patches to form a leaky-wave structure.

Figure 8.1: Geometry of RWMS Leaky-Wave Structure.

• Beam scanning with surface wave array : The proposed RWMS array was an-

alyzed for broadside radiation, where mutual couplings has a less impact on

the array performance. The couplings are more pronounced when the beam is

directed non-broadside and can limit the scan angle. The capability of scanning

the beam can be examined and compared to a conventional square ring array,

as illustrated in Fig. 8.2. The study can include comparisons of directivity,

beam scanning range, and side lobe level.
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Figure 8.2: Geometry of Conventional Square Ring Array and RWMS Array.

• Excitation of higher order mode of radiating element using surface waves : Higher

order modes are known for their high input resistances, which result in high re-

flection coefficient when it is excited with a 50-ohm feed. One possible approach

to improve the reflection coefficient is to introduce periodic patches whose sur-

face wave resonance is around the radiating element’s resonance. This will

improve the matching impedance and the overall radiation.
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